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Abstract 
This thesis introduces, for the first time, Stepped Impedance Resonator (SIR) bandpass 
filters (BPF) based on Composite Right/Left-Handed (CRLH) transmission lines. In 
other words, a novel approach in design of BPFs for RF and microwave applications is 
successfully proposed and examined, which can serve both miniaturisation and 
performance enhancement purposes. In conducting this research, design, development 
and optimisation procedures and techniques for the proposed BPFs have been presented. 
Theoretical, numerical and experimental results have confirmed that these filters are 
capable of significantly reducing the size while maintaining the integrity of the filter 
performance; and in some cases, extensively enhancing the performance.  
Two λg/4-type CRLH SIRs are designed and characterised based on the available 
equations. ADS lumped-element equivalent circuit model and HFSS full-wave 
electromagnetic simulation, and measurement results prove that both CRLH SIRs 
surpassed their RH counterparts, in terms of both size and performance. Indeed, 
comparison of the first CRLH SIR with its RH counterpart revealed a 35% size (length) 
reduction. The second CRLH SIR design is measured to be 66% smaller than its RH 
counterpart and 14% smaller than the initial CRLH SIR. In addition, simulation and 
measurement results reveal that an intelligently designed CRLH SIR shows a better 
quality factor Q and input impedance |Zin| response, and provides higher design 
flexibility. Phase unwrapping and energy (current) flow analysis have been used to 
prove left-handedness of the CRLH SIRs.  
The concept is extended to propose multi-section (λg/2-type and tri-section SIRs) and 
tunable CRLH SIRs. Numerical analysis and obtained results show that the λg/2-type 
CRLH SIR benefits from a 45% size (length) reduction compared to its RH counterpart, 
and a better |Zin| response. The results obtained from the tri-section CRLH SIR (TSSIR), 
clearly show that the TSSIR is capable of relocating (and minimising) the multiple 
spurious resonance frequencies, while maintaining the same fundamental frequency f0. 
As such, no spurious frequency is observed before 8 GHz. Also, measurements 
indicated that the CRLH TSSIR is not only 30% smaller in length compared to its RH 
counterpart, it was even 28% smaller than a two-section RH SIR resonating at the same 
frequency of 2.5 GHz. In addition, the tuning capability of the ferrite CRLH SIR is 
illustrated when the operating frequency of the resonator is tuned from 5.1 GHz to 5.4 
GHz, and 5.65 GHz for H0 = 2000, 2250, and 2500 Oe, respectively.  
These SIRs are then combined and configured to form two main categories of CRLH 
SIR bandpass filters: PCB filters based on RT Duroid and MMIC filters based on GaAs. 
In both filters, the homogeneity condition has been satisfied by ensuring that the longest 
length is much less than λg (in this case l = λg/12) for PCB-based filters and l = λg/14 for 
23 
 
MMIC filters at the centre frequency of the filters. The first PCB-based CRLH SIR 
filter, which has been designed to operate at 2.75 GHz, is measured 24mm × 28mm. 
HFSS 3-D full-wave simulations and measurement results of this filter reveal that, with 
an insertion loss of -2.6dB and return loss of -21.5dB, the filter not only has a very good 
selectivity, but also is extremely efficient in extending the free-spurious stop-band, 
pushing the first spurious response to around 11 GHz (about 4×f0). The second PCB-
based CRLH SIR filter has much smaller size, measuring overall filter dimensions of 
6mm × 5.14mm. This filter also benefits from a smaller resonator size, improved overall 
coupling and a more controllable circuit. Theory, full-wave simulation and 
measurement results demonstrate that, with an insertion loss of -1dB and return loss of -
34dB, the miniaturised CRLH SIR filter proves very successful as it was about 80% 
smaller in size compared to its RH counterpart with the same centre frequency, while 
maintaining the integrity of the filter performance. Moreover, the miniaturised CRLH 
SIR BPF is significantly more controllable in its dimensions and response due to the 
fact that more elementary parameters are available in the CRLH configuration.  
The MMIC CRLH SIR bandpass filters are then proposed with an emphasis on further 
size reduction with maintenance (or enhancement) of their transmission responses. As 
such, two classes of MMIC filters were designed: the first one is very small measuring 
3.2mm × 3.4mm, with an insertion loss of -5.3dB at the centre frequency 3.1 GHz. The 
filter also shows good attenuation both before and after the passband with its first 
spurious frequency occurring at 13.52 GHz (i.e. > 4×f0). The second set of MMIC filters 
employed multilayer topology to reduce the filter size. It has been clearly shown that 
with an intelligent design, the size (dimension) limitations of the PCB-based filters have 
been overcome by using the MMIC technology, resulting in filters with significantly 
reduced sizes – design I: 1.32mm×3.35mm, and design II: 1.4mm × 1.5mm. It has also 
been observed that MMIC structures are generally exposed to inevitable losses, though 
steps can be taken to reduce such losses. 
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Chapter 1 
Introduction  
1.1 Overview  
Electromagnetic metamaterials (MTMs) are “artificial effectively homogenous 
electromagnetic structures with unusual properties not readily available in nature” [1.1]. 
MTMs that exhibit simultaneously negative electric permittivity ε and permeability μ 
are termed left-handed (LH). LH MTMs, as a consequence of their double negative 
parameters (hence negative refractive index, n), are characterised by antiparallel phase 
and group velocities [1.2]. Left-handedness was first theoretically speculated by 
Veselago [1.3] and experimentally demonstrated by pioneering works of Pendry [1.4] 
and Smith [1.5]. Since then, LH structures have been realised in two main 
configurations: composite materials consisting of an array of split-ring resonators (SRR) 
and thin wires (TW) [1.6]; and periodically loaded transmission lines (TLs) often using 
series capacitance (interdigital or gap capacitors), and shunt shorted inductance (stubs, 
meandered or spiral lines) [1.7]. TW-SRRs are reportedly resonant-type LH structures 
and therefore might exhibit high loss and have a narrow operational bandwidth. 
However, the non-resonant TL approach of MTMs provides structures that possess low 
loss and broad bandwidth properties. Also, the controllable frequency range in the TL 
approach of MTMs is incomparably larger than that of resonant-type structures. 
Therefore, transmission line metamaterials have stayed in high demand as they are 
realised in planar form, and as such, are implemented in the present research work. LH 
TLs are normally referred to as composites right/left-handed (CRLH) TLs for reasons 
that will be known in the thesis.  
From radio frequency (RF) and microwave circuit applications point of view, the main 
advantages of employing CRLH TLs are that they can significantly reduce the size of 
passive components due to their dispersive phase properties [1.1, 1.8], and also they 
have the potential for performance enhancement.   
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One of the applications of such size reduction and possible performance enhancement is 
LH planar filters. Among diverse types of RF and microwave filters (e.g. coaxial, 
dielectric, waveguide, stripline, etc.), planar transmission line resonator (TLRs) have 
been by far the most common choice. These resonators which have often been realised 
in the form of uniform impedance resonator (UIR), have simple structure, low cost, and 
easy-to-use design features; but they suffer size problems [1.9]. In addition, UIRs are 
known to have spurious responses around the multiple frequency of the fundamental 
mode (i.e. (n + 1)f0 where n = 1, 2, 3, ...). This degrades the stopband rejection and the 
response symmetry of application circuits, especially in planar filters [1.9]. Therefore, 
stepped impedance resonators (SIRs) [1.10] have become the most popular candidate 
for filter design [1.11], as they are capable of reducing resonator (hence filter) size 
without degradation of the unloaded-Q [1.12-1.16] as well as being able to control 
spurious frequencies (occurring around (2n + 1)f0) by design [1.17, 1.18]. By applying 
left-handedness to stepped impedance resonators, CRLH SIRs can be designed that are 
more space conservative, have higher Q values, and perform better than the 
conventional RH SIRs in terms of achievable magnitude of input impedance at 
fundamental resonance frequency f0, and the shift of spurious frequencies away from f0.  
1.2 Aim and Objectives  
The aim of this research work is to combine the distinctive characteristics of SIRs and 
the unique properties of MTMs, to propose and examine a novel approach in design of 
bandpass filters (BPFs) that can serve both miniaturisation and performance 
enhancement purposes. More specifically, to design, develop and optimise compact 
microwave filters using metamaterials, microwave integrated circuit (MIC) and 
monolithic MIC (MMIC) technologies. In particular, novel λg/4-type coupled-line 
CRLH SIR BPFs will be designed for wireless local area network (WLAN) 
applications. In doing so, there are a number of objectives in the design process that 
must be achieved. These include:  
 Design and characterisation of CRLH SIRs, and verification of their results in 
comparison with conventional right-handed (RH) counterparts.  
 Development and extension of the CRLH SIRs to multi-section, tunable 
structures, etc. 
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 Synthesis and full appreciation of the existing filter design methods.  
 Design and development of CRLH SIR BPFs, followed by theoretical, 
numerical and experimental verification of the results. Also, performing 
optimisation in terms of size and performance, i.e. miniaturisation and 
performance enhancement.   
 Application of MMIC technology to the proposed CRLH SIR BPFs, with an 
emphasis on further size reduction with possible maintenance of the 
transmission responses.  
1.3 Problem Statement and Methodology 
As mentioned, the main objective of this study is to present a novel transmission line 
approach in design of bandpass filters that can provide both miniaturisation and 
performance enhancement. In conventional microwave filters, the structure and length 
of transmission line, and the relationship between its constitutive LC parameters and 
resonant frequencies mean that at low frequencies, very large transmission lines are 
obtained, which in turn results in production of larger filter structures. Moreover, 
limitations in the level of electrical parameters that can be achieved using conventional 
TLs restrict the operation of devices. For instance, in a stepped impedance resonator, the 
impedance ratio is extremely important in determining the filter size and performance. 
More specially, adequately small impedance ratios will provide a minimal resonator 
length and ensure that spurious frequencies are shifted further enough away from the 
operating range of frequency, which will undoubtedly extend the spurious-free stopband 
of the filter. However, this has proven very difficult (or limited) with conventional 
transmission lines.  
It is extremely promising to see that CRLH TLs are very little affected by the above-
mentioned limitations. This is mainly due to the fact that the operation of a CRLH TL 
can be determined under the effective homogeneity condition, and by a single unit-cell 
constituted of right-handed and left-handed LC parameters. The availability of more 
design parameters ensures that very high or very low impedance ratios are possible, and 
also unusually small TL sizes with controllable resonant frequencies are achievable; 
mainly due to the fact that electrical length of the CRLH TL is mainly determined by its 
dispersive phase properties. Therefore, the bandpass filters designed in this research 
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work will be based on composite right/left-handed transmission lines to benefit from the 
extraordinary properties of metamaterials.  
1.4 Practical Challenges 
Perhaps the main challenge in design of microwave structures based on CRLH TLs is 
that, unlike conventional TLs, well-established transmission line theory, design 
equations and guidelines, and graphical tools do not seem to exist for CRLH TL-based 
structures. In addition, the available equations provide only limited means for a first 
design. Consequently, iterations are inevitable for an optimal design which makes it 
difficult to extract exact constitutive RH and LH lumped-element parameters and to 
construct an appropriate equivalent circuit; therefore, making analysis of such structures 
very difficult.  
More importantly, with structures getting more and more complex, whether by adjacent 
positioning or cascading of unit-cells, an efficient design can only be obtained when a 
good knowledge of the behaviour of electromagnetic interactions between the CRLH 
transmission lines in the structures are established. So far, very limited texts have 
explained details of such interactions; though in the present research work, it has been 
tried to shed some light on these interactions.  
Another issue is the design limitations based on manufacturing specifications, as most 
printed circuited board (PCB) fabrication facilities cannot realise small-enough track 
widths and gaps. This means that at lower resonant (fundamental or centre) frequencies, 
the structure size cannot go below certain dimensions, and therefore, impedance-ratio 
limit will eventually exist restricting the shift of spurious frequencies by design. 
Although with MMIC technologies much higher flexibilities are available, such 
limitations still exist.  
1.5 Motivation and Contributions of the Thesis 
Future generations of wireless and communication systems call for even smaller 
components with yet more efficient power (signal) handling mechanisms. This has been 
and will continue to be the forefront of research and development organisations, and 
consumer markets. However, designing extremely small structures with very good 
responses has proven to be difficult, especially in passive circuits where each circuit 
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will form part of a bigger device, all of which are limited by specifications and design 
constraints.  
Although much research has gone into introduction of various approaches for filter 
circuit design at microwave frequencies (with their own advantages and disadvantages), 
there still remains many unexplored areas and improvements that can be made. This 
thesis presents an alternative (and a very successful) approach to design of 
microwave/mm-wave filters based on metamaterial technology, as shall be seen.  
1.6 Thesis Outline 
In the present chapter an attempt has been made to provide a very brief overview to left-
handed metamaterials, with an emphasis to highlight their unique properties. Similarly, 
advantages of stepped impedance resonators were presented as justifications for 
implementation of these resonators in the bandpass filter design. The main aim and 
objectives of this research were then presented. This was followed by acknowledgment 
of the existing limitations and brief statements on how MTM TLs can overcome these 
limitations; an appreciation was also obtained of the fact that eventually some of these 
limitations will have to be left unaddressed. Yet, research and consumer market were 
highlighted as the two major driving forces of the related evolving technologies and the 
present research work.  
Chapter 2 presents an overview of the fundamental properties of metamaterials from the 
engineering aspect. As such, definitions and historical background of MTMs together 
with analysis of their main concepts and realisation methods will be presented. In 
particular, transmission line approach and associated equations and graphs for design 
and characterisation of CRLH TL structures at RF and microwave/millimetre-wave 
frequencies will be provided. Discussions and analysis presented in this chapter will 
certainly be valuable in the design of constitutive transmission lines and characterisation 
of the metamaterial-based subsystems, especially the filter which is discussed in 
Chapter 5.  
Chapter 3 covers transmission line resonators; specifically stepped impedance 
resonators (SIR) are studied in terms of their electrical parameters and examined using 
numerical calculations, RLC equivalent circuits, electromagnetic full-wave simulations 
and measurements. In particular, CRLH λ/4-type SIR is designed and compared to its 
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conventional (right-handed) counterpart in terms of size and performance. The CRLH 
λ/4-type SIR is then extended to λ/2-type SIR, tri-section CRLH SIR and ferrite CRLH 
SIR. This chapter, therefore, not only provides a good insight into the theory, design 
and characterisation of CRLH SIRs for the first time, but also can be considered as  the 
ground (or stepping stone) to more novel, complex and compact applications of SIRs in 
RF front-end sub-systems. 
Chapter 4 is presented in an attempt to provide a comprehensive study of filter theories 
and the methods that have been implemented in filter design, to lay a foundation for 
design of both RH and CRLH RF microwave filters. In doing so, particular attention 
will paid to the coupled lines and coupled resonators that have reportedly allocated a 
large portion of the research in filter design to themselves; and subsequently constitute 
the main body of the proposed bandpass filters. Since the theories that are reviewed in 
this chapter had already been discussed in details in available textbooks, the emphasis 
here will have been placed on systematic classification of the methods that have been 
implemented in bandpass filter design. Perhaps more importantly, synthesis and 
analysis of bandpass filter design are presented simultaneously and the stages and tools 
involved in such designs are identified, and eventually implemented to form bandpass 
filters.  
In Chapter 5, two novel microstrip CRLH SIR BPF designs are presented for the first 
time. In the first filter design, the emphasis has been put on pushing the spurious 
frequencies away, resulting in an extended spurious-free stopband. The second CRLH 
SIR BPF is miniaturised with an emphasis on maintaining the quality of filter 
characteristics. Supported by theory, full-wave simulation and measurement results, 
both CRLH SIR BPFs are compared to their associated RH SIR filter counterparts of 
the same centre frequency fc, fractional bandwidth BWfrac and stop-band attenuation. 
The presented CRLH SIR filter designs prove very successful as very good extended 
spurious-free stopband in the first filter, and extremely smaller size in the second filter 
are achieved, while maintaining the integrity of the filter performance.  
Chapter 6 presents design and development of monolithic microwave integrated circuit 
(MMIC)-based metamaterial (MTM) bandpass filters (BPF). As such, a very brief 
introduction and background to the MMIC technology and its applications is provided. 
The theory and design of MTM filters from the previous chapters are applied together 
with the MMIC technology to present (three) novel bandpass filters. Supported by full-
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wave simulation and measurement results, design layouts and transmission responses of 
the MMIC MTM filters will be presented. Also, advantages/disadvantages and 
challenges of the MMIC multilayered approach in MTM filter design will be addressed, 
and possible solutions for the existing shortfalls will be provided.  
Finally, in Chapter 7, a conclusion is drawn from the research carried out, and possible 
future works will be proposed.  
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Chapter 2 
Metamaterials 
2.1 Introduction 
The past few years have seen significant renewed interest and tremendous research on 
metamaterials for various applications and different frequencies of the electromagnetic 
spectrum. Although considerable part of such research has focused on investigating 
metamaterials from a physics point of view, today, an engineering approach seems 
much demanded as it provides systematic methods for design and development of novel 
metamaterial-based devices and structures with unprecedented applications in RF and 
microwave frequencies.  
This research project is also focusing on the engineering approach, and building on the 
fundamental properties of metamaterials, in an attempt to present novel filters. The aim 
of this chapter is to present an overview of metamaterials by providing details on 
definition, historical background (a short literature), analysis of their main concepts, and 
realisation methods. In particular, transmission line approach and associated equations 
and graphs for design and characterisation of these structures at RF and 
microwave/millimetre-wave frequencies are provided. This information will not only be 
valuable in the design of constitutive transmission lines of the metamaterial filter, but in 
characterisation of the filter itself, as will be seen in Chapter 5.  
2.2 Metamaterials: Overview 
2.2.1 Metamaterial Concepts 
Electromagnetic metamaterials (MTMs)
1
 are defined as “artificial effectively 
homogenous electromagnetic structures with unusual properties not readily available in 
                                                          
1
 “Meta” means “beyond” in Greek; thus, meta-material refers to materials with electromagnetic 
properties beyond those naturally available (i.e. unnatural or supernatural materials).  
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nature” [2.1]. The effective homogeneity condition (limit) is referred to the condition 
where the structural average cell size p is much smaller than the guided wavelength λg, 
i.e. p << λg, and at least smaller than a quarter of wavelength, p < λg/4. This is notable 
due to the fact that amongst microwave engineers, the limit p = λg/4
2
 is a distinction 
between lumped components (p < λg/4), quasi-lumped components (λg/4 < p < λg/2) and 
distributed components (p > λg/4); which are different for phase variations along their 
components [2.2]. In other words, by setting out the effective homogeneity condition, 
metamaterial structures are effectively considered as lumped-elements, though realised 
using distributed elements, often TLs. Also, the effective homogeneity condition 
ensures that in MTM medium, refraction dominates over scattering or diffraction [2.1], 
which can make them a reliable propagation media.   
From electromagnetic point of view, when the unit-cell sizes are so small compared to 
the wavelength of guided electromagnetic waves, then the structure is 
electromagnetically uniform along the direction of propagation and is therefore, seen as 
a material with constitutive parameters of permittivity ε and permeability μ3. In other 
words, electromagnetic interactions can be from the material atoms in a microscopic 
scale or from unit-cells with small-enough size and spacing (compared to λg) in a 
macroscopic scale [2.3]. The relationship between ε, μ and refractive index n, 
r rn     reveals that four possible sign combinations are expected in the pair (ε, μ), 
as observed in Figure 2.1. It can be seen that ε > 0, μ > 0 corresponds to the 
conventional right-handed (RH) structures with forward-wave propagation. When either 
ε or μ are less than zero (i.e. ε < 0, μ > 0, or ε > 0, μ < 0), no propagation occurs; since 
propagation constant 0 r rnk      has to be real for a passband, yet negative sign 
for either ε or μ produces an imaginary β causing a reflection of the waves, and a 
stopband [2.1, 2.5]. There is also a combination where both ε and μ are simultaneously 
negative, resulting in a negative refractive index (fourth quadrant in the figure). The 
materials that posses this property are referred to as the left-handed (LH) metamaterials, 
which are often characterised by antiparallel phase and group velocities [2.1]. As will be 
seen, LH structures are clearly artificial effectively homogenous MTMs with highly 
                                                          
2
 P being the component size.  
3
 “Electric permittivity ε and magnetic permeability μ of a medium are the electromagnetic constitutive 
parameters of a medium which are used to describe the material behaviour on applying an 
electromagnetic wave” [2.4].  
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unusual properties that can provide extremely reduced sizes and enhanced performances 
at microwave frequencies; hence the subject of this research.  
 
 
 
 
 
 
 
 
 
 
 
 
Figure 2.1. Permittivity-permeability    diagram and the effect of ε and μ on refractive index n. In 
the figure, E: energy, 0 r   , 0 r   , where εr and μr are relative permittivity and permeability, 
respectively, and ε0 and μ0 the free space permittivity and permeability defined as
12
0 8.854 10
  F/m,  
7
0 4 10 
  H/m 4[2.1].  
2.2.2 Historical Speculation and Experimental Demonstration 
Existence of LH MTMs was first speculated by Viktor Veselago in 1967 with the 
introduction of substances that permitted propagation of electromagnetic (EM) waves 
with left-handed wave vector triad [2.6]. A LH triad is compared to RH triad in Figure 
2.2.  
 
 
 
 
 
        (a)               (b) 
                                                          
4
 Also, 0nk   with 0k c , k0: free space wave number, ω: angular frequency, c: speed of light. In 
addition, pe is the electric plasma frequency and pm , the magnetic plasma frequency. Lastly, the time 
dependence j te  with outgoing j re  and incoming j re  wave functions are assumed.  
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Figure 2.2. Electric and magnetic field vector triads (E, H, β) and Poynting vector S for (a) RH and (b) 
LH medium [2.1]. Poynting vector, also known as power density/flow, is a “quantitative relationship 
between the transmitted energy, and electric and magnetic field” vectors; i.e. the vector product of the 
two, and orthogonal to them: S E H   [2.7].  
It can be seen from Figure 2.2 that in a RH medium, Poynting vector S and phase 
propagation (or wave vector) β are in the same direction, whereas in the LH case, they 
are in opposite directions. In other words, in the former, energy and propagation (phase) 
are in the same direction, while in LH medium, they are not.  
Such speculation gave way to reversal of many existing laws, including reversal of 
Doppler effect, reversal of Snell’s law, etc. [2.1]; yet no LH material was discovered 
back then. Thirty years later, works of [2.8] and [2.9] inspired Pendry [2.10-2.12] to 
introduce the so-called plasmonic-type structures
5
 which were made of standard metals 
and dielectrics, as seen in Figure 2.3. These structures satisfy the homogeneity condition 
(p << λg) and are constituted of thin wires (TW) and split-ring resonators (SRRs) and 
exhibit (-ε, +μ) and (+ε, -μ) responses when subjected to parallel electric field (E‖z) and 
perpendicular magnetic field (H y), respectively.  
 
 
 
 
 
 
 
(a)    (b) 
Figure 2.3. Thin-wire (TW) structure with (-ε, +μ) and split-ring resonator (SRR) structure with (+ε, -μ), 
proposed by Pendry [2.1].  
According to (2.1), in the array of thin wires, angle of electric field E excitation, metal 
conductivity ζ, radius of wires a, and spacing between the wires p are very important in 
determining the behaviour of permittivity frequency function εr(ω).  
 
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r j
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  
    (2.1) 
                                                          
5
 Plasmonic-type structures are the medium in which permittivity and permeability are negative below the 
so-called electric and magnetic plasma frequencies, respectively [2.13]. 
z 
p p 
y 
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where ωpe is the electric plasma frequency (in the GHz range) and is defined as 
 2 22 lnpe c p p a      with c: speed of light, and δ: damping factor (due to metal 
losses) defined as  
2
0 pep a     [2.10].  
It is noted that a region exists where Re(εr) < 0 for 
2 2 2
pe     , i.e. εr < 0 for ω < 
ωpe. Two assumptions are made in this analysis: (i) no magnetic material exists in the 
TW structure, and (ii) wire lengths are much longer than the wavelength.  
Similarly, based on (2.2) in split ring resonators, direction (angle) of magnetic field 
excitation H, inner radius of the smaller ring a, width of rings w, gap between two ring 
pairs p, the radial spacing between the rings δ, and metal resistance per unit length Rʹ 
are important to consider, when determining the permeability frequency function μr(ω).  
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     
 (2.2) 
where  
2
F a p ,  30 3 ln 2m c p wa    [2.12].  
It is understood that μr < 0 for 0 0 1m m pmF       , where ω0m and ωpm are 
magnetic resonance frequency and magnetic plasma frequency, respectively. Figure 2.4 
is a graphical illustration of (2.1) and (2.2).  
 
 
 
 
 
 
 
 
 
(a)      (b) 
Figure 2.4. Permittivity and permeability frequency functions: (a) real part of the permittivity as a 
function of frequency for a wire medium, and (b) permeability as a function of frequency for the SRR 
medium [2.14].  
It is also noted that SRR produces a magnetic response without the presence of any 
magnetic conducting materials. In addition, although one single ring in the SRR can 
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produce the desired negative permeability effect, often two rings are employed in close 
proximity to each other to enhance the current presence and therefore the overall 
magnetic activities within the SRR cell.   
As mentioned, in TWs, wire lengths are assumed to be infinitely long, and therefore 
excitations occur at frequencies far below their first resonance, and as such are 
considered non-resonant structures. However, SRRs are understandably considered 
resonant structures as they consist of RLC resonators.  
Pendry’s work inspired Smith [2.5, 2.14-2.16] to experimentally present the first LH 
material, which was in fact a combination of carefully placed SRRs and TWs, seen in 
Figure 2.5.  The idea behind the resulting composite TW-SRR structure was to produce 
frequency overlap of regions of –ε and –μ, obtained by TWs and SRRs, respectively. 
Although this was challenged for not considering the coupling interactions between 
TW-SRR constituent structures [2.1], experimental demonstrations later confirmed the 
left-handed nature of these composite structures [2.17].  
  
   (a)             (b) 
Figure 2.5. Array of split ring resonators (SRRs) and thin wires (TWs) in shapes of (a) square and (b) 
circular spirals [2.1].  
Plot of permittivity, permeability and reftractive index as frequency functions of 
composite strctures of Figure 2.5 show that there is a region where both ε and μ are 
simultaneously negative, resulting in negative n. This is indeed the left-handed region, 
which has been highlighted in red in Figure 2.6.  
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   (a)          (b) 
Figure 2.6. Real values of (a) permeability, permittivity and (b) refractive index, plotted as frequency 
functions for composite structure of TW-SRR. Dashed line in Figure 2.4(a) shows Re(ε) of permittivity 
for wires alone. Here, both ε and μ are negative at frequency region (~8.5-9.0 GHz) [2.8]. 
Further theoretical, numerical and experimental verifications followed, and are 
continued to date. Figure 2.7 summarises the main approaches.  
 
 
 
 
 
 
 
 
 
 
 
Figure 2.7. Different approaches presented to verify LH MTMs; FDTD: finite-difference time-domain, 
FEM: finite-elements method, TMA: transfer matrix algorithm, TLM: transmission line method, EM: 
electromagnetic, TL: transmission line [2.1].  
Therefore, the phenomenon of antiparallel phase and group velocities is not new, and in 
fact dates back to late 1940’s where [2.18, 2.19] utilised periodic structures (in the form 
of a highpass filter) that were described with backward wave propagation. However, 
these structures had two fundamental difference with LH MTMs: (i) they had large 
periodic size (p ≈ λg/2) which meant that they could not be characterised by ε and μ; 
hence domination of diffraction/scattering over refraction. (ii) consequently, if such 
structures were extended to 2D or 3D, they would not exhibit electromagnetic behaviour 
of real materials [2.1]. In contrast, in LH MTMs, as long as p << λg (or p < λg/4), ε and μ 
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can be defined and the structure can be considered as a real material, with ε and μ of the 
structural units inducing qualitatively similar properties to molecules in natural 
materials (e.g. refraction, etc.); “hence the term material in metamaterial” [2.1]. In fact, 
MTMs very much resemble “dielectrics made of molecules many orders of magnitude 
smaller than wavelength” [2.1]. Several terminologies have been used to represent left-
handed MTMs. These include: double-negative (DNG), negative-refractive-index 
(NRI), backward-wave (BW), Veselago medium and negative phase velocity medium 
(NPV) [2.1], though in this text, the first terminology, i.e. LH is used.   
It was reported that the TW-SRR was a resonant-type LH structure and therefore 
exhibited high loss and narrow bandwidth, and as such would cause distortion to the 
propagating signal [2.1]. Consequently, the non-resonant
6
 TL approach of MTMs was 
introduced to possess low loss and broad bandwidth properties [2.20-2.24]. As will be 
seen, in the TL MTM, loss can be minimised by realising a balanced structure and 
achieving good input and output matching. Bandwidth is also controlled by TL 
constitutive LC parameters. TL MTMs are also in high demand as they can be realised 
in planar form, and perhaps more importantly because there exist well-established TL 
theory for an efficient design.  
2.2.3 Transmission Line Approach 
The incremental unit-cell circuit model for a LH TL (which has a highpass response) is 
shown in Figure 2.8, and equations for the fundamental characteristics of the LH TL are 
given below [2.1].  
 
 
 
 
 
Figure 2.8. The “incremental unit-cell of a hypothetical uniform LH TL” [2.1]; ∆z is the electrical length 
of the unit-cell.  
1 1
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6
 In the frequency range of interest.  
( . )LC F m  
 1 LZ j C   
 1 LY j L   
( . )LL H m  
∆z → 0 
CHAPTER 2.  METAMATERIALS  43 
 
1
0
L LL C


  
 
       (2.3b) 
0Lc
L
LZ
Z
Y C

   
 
      (2.3c) 
2 0p L Lv L C



           (2.3d) 
1
2 0g L Lv L C




 
     
 
     (2.3e) 
where γ is the complex propagation constant, β is the propagation constant, Zc is the 
characteristic impedance, vp is the phase velocity, and vg is the group velocity of the LH 
TL. The first point to notice is that vp -‖vg, which indicates that phase propagation (β) 
and power flow
7
 are in opposite directions, as was observed in Figure 2.2. Details and 
definitions of the other parameters will be presented in Section 2.3. Table 2.1 compares 
the electrical parameters that are used to characterise RH and LH unit-cell TLs.   
Table 2.1. Comparison between some of the electrical parameters of lossless RH and LH unit-cell TLs 
[2.1, 3.1 and 4.5].  
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Note: 
 α = 0 for lossless line.  
 
 
 
 
                                                          
7
 Or the Poynting vector (S) 
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2.3 Composite Right/Left-Handed (CRLH) TL MTMs 
The LH TL was mainly realised using a series capacitor CL and shunt inductor LL, as 
was seen in Figure 2.8. However, [2.20] challenged the existence of purely LH TLs and 
indicated that the current flow along CL induces magnetic flux which gives rise to the 
presence of a series inductance LR. Similarly, a shunt capacitance CR is present as a 
result of existing voltage gradients between TL conductors and the ground [2.1]. These 
parameters are denoted as right-handed (RH) simply because they are not part of the LH 
unit-element circuit (i.e. they are parasitic) and they resemble the effects of 
conventional RH TLs. Therefore, the terminology of CRLH TL is adopted.  
Unlike RH homogenous TLs, real homogenous CRLH TLs do not seem to exist. 
However, LC and TL representations of effectively homogenous artificial materials 
have been constructed to provide insight into the fundamental characteristics of MTMs. 
In this section, primarily ideal TL model and LC network implementations are 
presented, followed by the analysis of real dispersive LC materials that mimic left-
handedness. In all cases, effective homogeneity condition, i.e. p << λg (at least p < λg/4) 
and lossless networks are assumed.  
2.3.1 Ideal Transmission Line Model 
Figure 2.9 shows an ideal
8
 perfectly uniform (homogenous) CRLH TL model and its 
lossless equivalent circuit.  
 
 
 
 
 
          (a)     (b) 
Figure 2.9. (a) An ideal perfectly uniform TL model and (b) its lossless CRLH equivalent circuit [2.1]; 
∆z (m) represents the physical length of the piece of TL whose infinitesimal model is presented.  
In the figure, ∆z is equal to the average unit cell size p, ZʹR and YʹR are RH immittances 
and ZʹL and YʹL are LH immittances. Also, Zʹ (Ω) and Yʹ (S) are the per-unit-length 
                                                          
8
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impedance and admittances, respectively. The former constitutes RH per-unit-length 
inductance LʹR (H/m) in series with a LH times-unit-length capacitance CʹL (F.m); and 
the latter consists of RH per-unit-length capacitance CʹR (F/m) in parallel with a LH 
times-unit-length inductance LʹL (H.m). The terms “times” and “per” unit-lengths are 
used to describe the “characteristic parameters” of the effectively homogeneous CRLH 
cells, by taking the physical length of the unit-cell into consideration. Therefore, the 
values of these characteristic parameters depend not only on the actual inductance and 
capacitance values, but also on length of the unit-cell. Equation 2.4 presents the 
relationship between these parameters [2.1].  
 
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 
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     (2.4b) 
where ωse and ωse are resonant frequencies of the series and shunt branches 
respectively, and are defined by 1se R LL C   rad/s, and 1sh L RL C   .  
Analysis of Figure 2.9 reveals that if the LH immittances are considered zero, i.e. 
  0L L LZ j C C        and   0L L LY j L L       , then the CRLH TL 
reduces to a purely right-handed (PRH) TL with R RZ j L   and R RY j C  . Likewise, 
if RH immittances are considered zero, i.e. LʹR = 0 and CʹR = 0, then the CRLH TL 
reduces to a purely left-handed (PLH) TL with CʹL and LʹL. Therefore, it can be stated 
that (i) PRH and PLH TLs are dual of each other, (ii) a PLH TL cannot physically exist, 
and that (iii) all of the elements in the CRLH TL equivalent circuit contribute to the 
transmission characteristics of the line, and therefore, must be present [2.1].  
Further analysis of the CRLH TL of Figure 2.9 also reveals that this circuit has a 
bandpass response, thanks to the existence of both RH and LH elements. This behaviour 
can be explained by asymptotic consideration of components (inductances and 
capacitances) of the CRLH TL at low and high frequencies. At low frequencies, series 
RH inductance LR and shunt RH capacitance CR tend to become short and open circuits, 
respectively, (i.e. ω→0, |Z|→1/(ωCL)→∞ and |Y|→1/(ωLL)→∞). The remaining 
elements act as a highpass filter, producing a LH stopband below ωCL ( 1CL L LL C  , 
rad/(m.s)). Similarly, at high frequencies, the LH elements (series CL and shunt LL) tend 
to become short and open circuits, respectively (i.e. ω→∞, |Z|→ωLR→∞ and 
CHAPTER 2.  METAMATERIALS  46 
 
|Y|→ωCR→∞), resulting in a RH lowpass filter circuit with a stopband above RH cut-
off frequency ωCR ( 1CR R RL C  , (rad.m)/s). Combination of contributions from RH 
and LH elements will determine the transmission characteristics of the line at all other 
frequencies. Figure 2.10 presents the complex propagation (dispersion and attenuation) 
curves of the CRLH TL, based on (2.5).   
 
 
 
 
 
 
 
 
 
 
 
             (a)                (b) 
Figure 2.10. Propagation characteristics of a general unit-cell CRLH TL in (a) attenuation and dispersion 
diagram, and (b) associated transmission characteristics diagram; ω0: transition frequency [2.1].  
Complex propagation constant of the CRLH TL is given by [2.1]:  
 
2 2
2L
L
R
j js k

    
 
   
          
   (2.5) 
where ωR and ωL are defined in Table 2.2, α and β are attenuation and propagation 
constants, and k and sign function s(ω) are defined as:  
R L L Rk L C L C   (s/rad)
2
     (2.6) 
 
 
 
1 min ,
1 max ,
se sh
se sh
if LH range
s
if RH range
  

  
 
 
 
   (2.7) 
The graph of Figure 2.10 confirms the predicted behaviour of dispersion curves at low 
and high frequencies, and their tendencies to become PLH and PRH responses, 
respectively. The dotted line (placed on the gap) represents the attenuation and occurs 
when series and shunt resonances (ωse, and ωsh) are not equal. The structure producing 
β, α 
S21 ωcL 
Bandpass 
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ω 
LH RH 
ω0 
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α+ α- 
max(ωse,ωsh) 
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β+LH β
-
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β-RH β+RH 
ω 
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vp = +ive 
vg = +ive 
vp = -ive 
vg = -ive 
vp = +ive 
vg = -ive 
vp = -ive 
vg = +ive 
ωsh ωse 
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different ωse and ωsh is said to be unbalanced. However, when ωse = ωsh, a balanced line 
can be obtained.  
Presence of negative sign in the radicand of (2.5) does not mean that γ will be 
necessarily purely imaginary γ = jβ (α = 0, passband). In fact, despite being a lossless 
line, according to [2.1] γ can be real at some frequencies, i.e. γ = α (β = 0, stopband). 
Therefore, a passband can be observed between the LH highpass low-frequency and RH 
lowpass high-frequency stopbands
9
. In other words, combined effect of the LH highpass 
response and the RH lowpass response produces the passband. It can be seen in Figure 
2.10 that depending on the configuration and layout of the CRLH TL (i.e. being 
balanced or unbalanced) a gap is seen on the passband, which will be explained. Note 
that no passband exists if the LH cut-off frequency is larger than RH cut-off frequency, 
i.e. if ωcL > ωcR. Indeed the so-called dual-CRLH (D-CRLH) TLs have been reported 
that while being LH, exhibit stopband nature by employing series parallel (instead of 
series) LC tank and shunt series (instead of parallel) LC tank topology [2.25-2.30].  
Circuit of Figure 2.9 can also be considered in terms of its constitutive series and shunt 
resonant circuits, respectively created by (LR, CL) and (CR, LL) combinations. As 
mentioned, for a general unbalanced CRLH TL, series resonance ωse and shunt 
resonance ωsh are different
10
, which means that if the propagation in the CRLH TL is 
plotted against the frequency (in a dispersion diagram of Figure 2.10 or 2.11), there are 
bands of frequency where no propagation occurs; hence the gap in passband. However, 
in a balanced CRLH TL, ωse = ωsh = ω0 (ω0 is referred to as the transition frequency), 
no gap is observed in the passband, and a theoretical infinite-wavelength (λg = 2π/|β|) 
propagation is achieved [2.1]. Therefore, balanced CRLH TLs are mostly desirable in 
broadband applications, operating around the transition frequency ω0.  
Comparing dispersion curves of PRH and PLH TLs reveals that a PRH TL has a linear 
positive propagation response, whereas the PLH TL has a non-linear (hyperbolic) 
negative propagation, as seen in Figure 2.11.  
 
 
 
 
                                                          
9
 On the condition that LH highpass cut-off frequency is smaller than RH lowpass cut-off frequency, i.e. 
ωcL < ωcR. These cut-off frequencies are different than ωc
PRH
 and ωc
PLH
, but close to them.  
10
 1se R LL C rad s  , and 1sh L RL C rad s  .  
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Figure 2.11. Comparison between dispersion diagrams, computed by (2.5), for PRH and PLH TLs [2.1]. 
The sign function can best be explained using Figure 2.10(a) and 2.11. If the figure is 
divided into five regions above max(ωse, ωsh), below min(ωse, ωsh) and in-between the 
two, and studied for phase velocity vp = ω/β and group velocity vg = δω/δβ
11
, it becomes 
evident that three main scenarios exist [2.1]:  
 When ω > max(ωse, ωsh), phase and group velocities have the same sign, vp ‖ vg; 
i.e. both are simultaneously positive or negative, owing to the even-type 
function of the curve. In a PRH TL, β is positive and therefore, the top right-
hand-side (RHS) of the diagram stands for βRH.  
 When ω < min(ωse, ωsh) phase and group velocities have different signs. In other 
words, they are anti-parallel, vp -‖ vg, resembling the LH properties. β is negative 
in the bottom left-hand-side (LHS) of the diagram, and therefore signifies βLH.  
 No propagation is observed in the gap that exists between max(ωse, ωsh) and 
min(ωse, ωsh), and therefore maximum attenuation can be assumed at ω0.  
So the real dispersion and attenuation diagrams of a CRLH TL would make more sense 
when they are plotted (and considered) in +z direction against PLH and PRH dispersion 
diagrams, as seen in Figure 2.11.  
The CRLH TLs can also be studied from electromagnetic point of view using 
Maxwell’s and Telegrapher’s equations, by relating CRLH LC parameters to 
constitutive parameters of real materials (i.e. ε and μ) with the same propagation 
characteristics, as explained in [2.1].  
 
                                                          
11
 On the figure, phase velocity: slope of the line segment from origin to curve; group velocity: slope of 
curve. 
β,α  
βPRH 
βPLH 
βRH 
βLH 
ω 
max (ωse, ωsh) 
min (ωse, ωsh) 
ω0 
α 
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2.3.2 Balanced and Unbalanced CRLH TLs 
As it was mentioned, a CRLH TL can be classified into balanced and unbalanced, 
depending on the resonant frequencies of its series and shunt resonant arms. In general, 
CRLH TLs are unbalanced in their initial form. However, if ωse = ωsh = ω0 (in Figures 
2.10 and 2.11), then a balanced CRLH TL is achieved. Table 2.2 comparatively 
summarises the equations for electrical parameters of balanced and general unbalanced 
cases. A more comprehensive and detailed version of this table is presented in 
Appendix 2.1.   
Table 2.2. A summary of the equations presented in the literature for characterisation of general 
unbalanced and balanced CRLH TLs [2.1].  
General Unbalanced CRLH Balanced CRLH 
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The characteristic impedance Zc of the CRLH TL unit-cell can be obtained as:  
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  (2.8b) 
It can be deduced from (2.8) and Table 2.2 that in the case of an unbalanced CRLH TL, 
characteristic impedance is purely imaginary in the frequency gap between min(ωse, 
ωsh) and max(ωse, ωsh), where no propagation is observed. Also, since based on (2.8), Zc 
is a function of frequency, matching of a general unbalanced CRLH TL can only be 
achieved in a restricted frequency band. However, in a balanced CRLH TL, since zero 
ωse and pole ωsh cancel each other, the gap closes up and Zc theoretically becomes 
frequency independent allowing for matching over an infinite band [2.1]. So, a balanced 
CRLH TL (ωse = ωsh) is “intrinsically optimally matched over the whole bandwidth of 
the structure” [2.1]. Of course, in a real LC network implementation of a bandpass filter, 
CHAPTER 2.  METAMATERIALS  51 
 
this will be very beneficial as it will correspond to an optimal matching over the 
passband. However, an unbalanced TL is not matched by nature and therefore mismatch 
occurs. It should be noted that in an unbalanced CRLH TL, it is vitally important that 
the relationship between characteristic impedance Zc (or port impedance) of the CRLH 
TL network and the LH and RH impedances ( L L LZ L C , R R RZ L C )
12
 are 
carefully selected, as favoured matching in one (e.g. if Zc = ZL or Zc = ZR) will penalise 
the other. Also, since in an unbalanced CRLH TL, the transition frequency, acts as the 
centre of operational bandwidth, to ensure that the available bandwidth is sufficiently 
large, ωL << ωR must be appropriately ensured. So, the simplified equations for cut-off 
frequencies PLHcL  and 
PRH
cR  of a balanced CRLH TL can be used as a rule of thumb to 
achieve a reasonable bandwidth [2.1].  
In addition, in the balanced case, the maximum attenuation frequency ω0 (in the gap) 
becomes the transition frequency between LH and RH ranges. In addition, propagation 
constant in a balanced CRLH TL can be presented as the sum of propagation constants 
of PRH and PLH TLs, i.e. β = βPRH + βPLH. Figure 2.12 compares equivalent circuits of 
general unbalanced and balanced CRLH TLs. According to [2.1] the CRLH TL unit-cell 
of Figure 2.12 is equivalent to the incremental model of Figure 2.8.  
 
 
 
 
 
 
         (a)        (b) 
Figure 2.12. LC equivalent circuit of a CRLH TL unit-cell in its (a) general unbalanced and (b) balanced, 
forms. These models are dimensionless (hence no primes) and their size is often described with electrical 
length θ = |∆ϕ|, where ∆ϕ (rad) is the phase shift introduced by the unit-cell. In a practical circuit, 
however, the unit-cell length would be total length that inductors and capacitors occupy [2.1].  
Balanced and unbalanced cases are compared qualitatively in Table 2.3. Appendix 2.1 
provides a more comprehensive and useful comparison between RH, LH and balanced 
CRLH TLs.  
                                                          
12
 c L RZ Z Z . 
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Table 2.3. A qualitative comparison between balanced and unbalanced CRLH TLs.  
Balanced Unbalanced 
 Simpler model  Relatively more complex than balanced 
 Gapless (no stopband) 
o β: purely real 
o Zc: purely real from ω = 0 to ω 
= ∞ 
 Undesired stopband in frequency 
o From min(ωse, ωsh) to max(ωse, 
ωsh)  
o γ: Purely real 
 Zc: imaginary 
 Zc: constant, frequency independent 
o Matching over a broad 
bandwidth 
 Matching over a restricted bandwidth 
 vg ≠ 0 at ωse, ωsh and ω0  vg = 0 at ωse, ωsh and ω0 
 
Perhaps the most notable properties of a balanced CRLH TL are its non-zero group 
velocity at its transition frequency ω0, and its phase and wavelength behaviours around 
ω0. The transition frequency ω0 is important because at this frequency, the CRLH TL 
supports propagation i.e. vg ≠ 0, while β = 0. Consequently, ω0 is called the phase 
origin. This is mainly due to the fact that at ω0, the phase shift along the line of length l 
is zero, i.e. 0l    ; and in CRLH TLs, the phase behaves totally differently above 
and below this frequency. In particular, ϕ is positive below ω0 and tends to ∞ as 
frequency approaches zero:  0 .Ld l        . Also, above ω0, phase 
becomes negative with increase in frequency, and tends to ∞ at very high frequencies, 
  . Rd l        [2.1]. Therefore, unlike RH TLs, in CRLH TLs a positive 
phase shift is expected.   
The guided wavelength in a CRLH TL also has a special behaviour, different to that of 
RH TLs. The difference lies in the fact that λg is small at lower frequencies, and 
increases with frequency. This proportionality is unusual but perfectly physical. It is 
noted that at ω0, λg = ∞ which suggests that 0gl   . At ω > ω0, λg decreases with 
ω [2.1]. Therefore:  
 
 
 
0
0
0
0
  
   
  
  

  
   
      (2.9) 
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    (2.10) 
Figure 2.13 illustrates these relations graphically.  
 
 
 
 
 
 
 
Figure 2.13. Graphical illustration of variance of phase ϕ and wavelength λg with frequency below, above 
and at the transition frequency ω0 in a CRLH TL unit-cell.  
Analysis of the lossy case of CRLH TL model can also be carried out in a fairly similar 
manner by inserting resistance and conductance (ohmic and dielectric losses) to the 
CRLH incremental model, as described in [2.1].  
2.3.3 LC Network Implementation 
As mentioned, it is true that no CRLH TL readily available in nature has been recovered 
so far, but methods have been introduced to realise such lines under effective 
homogeneity condition. Considering the overviewed fundamentals, it would be possible 
to realise a CRLH TL using ladder networks of cascaded unit-cells, as will be seen. It is 
worth mentioning, however, that these networks (similar to the RH case) will operate in 
a restricted frequency range that is mainly controlled by the LC parameter values. 
Nevertheless, the controllable frequency range in the TL approach of MTMs “is 
incomparably larger than that of resonant-type structures” discussed before (i.e. TW-
SRR) [2.1]. Therefore, a real line of total length l can be naturally obtained by cascading 
the unit-cell line section of Figure 2.12, appropriate number of times N, i.e. l = N∆z. 
When l becomes long enough to represent a CRLH TL, the structural average cell size p 
ϕ λg 
ω 
ω0 
ϕ > 0 
ϕ(ω→0) = +ωLl/ω 
ω↓ ϕ↑ 
ω↑ ϕ↑ 
ϕ(ω→∞) = -ωl/ωR 
ϕ < 0 
ω ↑  λg↑ 
ω↑  λg↓ 
ω = 0 
At ω0, λg = ∞, θ = 0  At ω0, ϕ = -βl = 0 
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and its LC components become comparably so small (p→0) that they can be considered 
as lumped
13
.  
 
 
 
 
 
 
 
 
 
Figure 2.14. An ideal TL and its equivalent periodic ladder network under effective homogeneity 
condition; p = ∆z→0, l: TL length [2.1].  
The homogeneity condition is essential to ensure that resonances (or other effects) are 
absent along the discontinuities of the line
14
. However, periodicity in MTMs is not 
mandatory and it does not represent any restrictions. This is confirmed by the analysis 
of the non-periodic unit-cell CRLH TL and its cascaded model. Having said that, 
MTMs are in general implemented in periodic configurations for simplicity, and design, 
and analysis convenience [2.1].  
2.3.3.1     Difference between CRLH TLs and Conventional Bandpass Filters 
It was observed that CRLH TLs naturally resemble performance of conventional 
bandpass filters. In the same way that conventional filters guaranteed sharper cut-off 
frequencies by a higher number of elements (i.e. higher filter order), in CRLH TLs, 
higher number of cells has the same effect [2.1]. However, a closer study of their 
characteristics reveals that essential distinctions exist between the two, which are 
summarised below [2.1].  
 A CRLH TL is generally used as a TL only with its passband being directly 
useful. Therefore, its filtering characteristics are not usually used as in filters. 
                                                          
13
 If ∆z→0 and l is finite, then ideally N→∞; though in real TLs, frequency range of interest limits N 
[2.1].  
14
 “In the limit p→0, all space harmonics are shifted to very high frequencies, outside the frequency range 
of interest, leaving only the fundamental CRLH of the ideal TL” [2.1].  
||| 
l 
γ, Zc 
l = Np 
p p p 
N 1 2 
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 The second obvious difference is that conventional filters do not satisfy 
homogeneity condition (i.e. ∆ϕ << π/2 or ∆z << λg/4), whereas MTM structures 
do. 
 The other difference lies in the fact that unlike conventional 1D filter structures, 
MTM structures can be 2D or 3D and behave as bulk media. 
 Also, LH MTM structures are generally designed based on phase specifications, 
whereas conventional filters are designed based on magnitude specifications; 
hence no LH range is observed in the latter.  
 Lastly, while in conventional filters each unit-cell in general has a different 
electrical parameter (e.g. LC value, etc.) for given specifications of particular 
design, MTM structures often employ identical cells. 
2.3.3.2     Transmission Matrix Analysis 
As will be seen, any N-cell ladder network can be characterised for its transmission 
properties using ABCD or S-parameter matrices. For instance, ABCD matrix for cascade 
of N two-port networks is given by (2.11) as the product of ABCD matrices of each two-
port network [2.1]:  
1
N
N N k k
kN N k k
A B A B
C D C D
   
   
   
      (2.11) 
Using (2.11), ABCD matrix of the general asymmetric unit-cell two-port network of the 
CRLH TL (Figure 2.12(a)) with series impedance Z and shunt admittance Y is found to 
be:  
1 1 0 1
0 1 1 1
asym
A B Z ZY Z
C D Y Y
       
        
       
   (2.12a) 
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which can be applied to both balanced (ωse = ωsh) and unbalanced (ωse ≠ ωsh) cases, 
respectively, as follows:  
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   2se sh R Lk       
In such analysis, symmetry of the two-port networks proves essential as it makes their 
characterisation very much easier. Also, asymmetry in TL realisation of cascade of 
these unit-cells means that input and output impedances are not equal (Zin ≠ Zout)
15
 and 
therefore mismatch exists at connections with external ports [2.1]. Thus, symmetrical 
configuration of unit-cell of the CRLH TL with the same infinitesimal immittances is 
adopted and depicted in Figure 2.15.  
 
 
 
 
 
 
Figure 2.15. Symmetric configuration of T-equivalent of CRLH TL unit-cell in Figure 2.12(a).  
ABCD matrix for the symmetric T-network of Figure 2.15 is given as:  
 
 
2
2
1
1 1
2 4
1
1
2
se
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L
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L
j
CA B
C D
j
L
  

  

   
   
    
   
   
  
   (2.14) 
It is needless to say that equivalent π-network of Figure 2.16 can also be used instead of the 
symmetrical network of Figure 2.15.  
 
 
 
 
 
Figure 2.16. Layout and equivalent π-network of the symmetrical CRLH TL unit-cell of Figure 2.12(a).  
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 Whereas in symmetric CRLH TLs, Zin = Zout [2.1].   
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The ABCD parameters of a general N-cell CRLH TL can be used to compute the 
scattering parameters Sij,N of the T-network of Figure 2.15 for a load (termination) 
impedance Zc
16
 [2.1, 3.1]:  
11, 12,
21, 22,
1
.
N N
N N N N c N c N
S S
S S A B Z C Z D
 
 
   
 
 2
2
N N c N c N N N N N
N N c N c N
A B Z C Z D A D B C
A B Z C Z D
     
 
    
   (2.15) 
Relation (2.15) can be employed to compute propagation and attenuation constants of 
the CRLH TL of length l, as follows:  
 21,
21, 21,
Nj S d j l
N NS S e e e
         (2.16) 
where  
 21,unwrapped NS l          (2.17a) 
21,ln NS l         (2.17b) 
It is noticed from (2.17(a)) that the unwrapped phase ϕunwrapped is used to compute the 
propagation constant β of the CRLH TL. This roots in the fact that phase of periodic 
complex exponential functions are often expressed as curves that vary between –π and 
+π. However, it was observed in Figure 2.10 that “the dispersion characteristic β(ω) is a 
continuous function of frequency” [2.1]. Therefore, the discontinuities –π to +π 
segments of the phase ϕ(S21,N) curve are connected by unwrapping to form the 
continuous ϕunwrapped(ω) curve in frequency. Although the exact shape of the dispersion 
curve can be obtained by phase unwrapping, the continuous unwrapped curve suffers 
phase ambiguity, as there is no indication of where the phase origin (where θ = |β|l = l/λg 
= 0) on this curve may be. This has to be tried to account for, by inclusion of a variable 
ξ namely the phase offset of the unwrapped curve to the real physical dispersion [2.1].  
Study of the electrical length ∆ϕ of unit-cell reveals that in both PRH and PLH cases of 
the CRLH unit-cell, there are three frequencies that affect the electrical length and 
therefore phase of the TL: the cut-off frequencies ωc, the pole frequency (or 
homogeneity limit frequency) ωh, and LH and RH resonant frequencies ωL and ωR. As 
it can be seen, In the PRH case, ∆ϕR < 0 below ωh which means that phase lag exists in 
this region. ∆ϕR > 0 between ωh and ωcR. In the PLH case, ∆ϕL > 0 above ωcL and 
                                                          
16
 The relation can be interpreted for symmetric (S11,N  = S22,N) or asymmetric (S11,N  ≠ S22,N) 
configurations.  
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becomes ∆ϕL < 0 below this frequency. Figure 2.17 illustrates the effect of each on 
behaviour of electrical length of the CRLH TL unit-cell.  
 
 
 
 
 
 
 
 
 
 
 
Figure 2.17. Behaviour of phase and electrical length from ω = 0 to ω = ∞ for PRH, PLH and CRLH TL 
unit-cells; where ω is the angular frequency, ωc the cut-off frequency, ∆ϕ the electrical length of unit-cell, 
and ωh pole frequency corresponding to limit of homogeneity. Phase origin is where ∆ϕ = 0.  
Table 2.4 summarises the important relations that are used to characterise the 
transmission of purely right-handed, purely left-handed and composite right/left-handed 
TLs.  
Table 2.4. Summary of the important relations in transmission characteristics of PRH, PLH and CRLH 
TLs [2.1].  
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Notes 
 Subscripts R, L and C represent right-handed and left-handed and composite right/left-handed 
association of parameters, respectively.  
 ωc: cut-off frequency, Zc: characteristic impedance, ∆ϕ: electrical length.  
 
Study of the transmission response reveals that the return loss |S11| of a ladder-type 
cascaded CRLH TL two-port network exhibits N-1 reflection peaks, with N being the 
number of cells constituting the network. Magnitude of these reflection peaks decreases 
towards their phase origin (where perfect homogeneity condition is satisfied) with 
reduction of phase discontinuities, resulted from resonance and other effects directly 
exerted by the cell size (particularly its length). Therefore, in a PRH network TL, |S11| 
decreases as frequency decreases (towards ω = 0), and in PLH network TL, |S11| 
decreases with an increase in frequency (towards ω → ∞); satisfying the homogeneity 
condition in each case [2.1].  
In a similar manner, the distance between these peaks is mainly controlled by the 
relationship between frequency and the electrical length of that particular network TL. 
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For instance, in PRH TL, ∆ϕR α ω, which means that reflection peaks are equidistant at 
low frequencies; likewise, in PLH TLs, ∆ϕL α 1/ω. Also, according to [2.1] assuming 
that each reflection peak is labelled k, then the resonance observed at k
th
 peak (counting 
for the associated phase origin) is the result of combination of k+1 cells. In addition, the 
total phase shift along the line (at that frequency), for PRH and PLH cases are [2.1]: 
 90 1 180Rk k       (k =1, 2, 3,...)    (2.18a) 
 90 1 180Lk k       (k =1, 2, 3,...)    (2.18b) 
Transmission characteristics of the CRLH TLs, including reflection peaks can be 
analysed in the same way as PLH and PRH cases (above); with ω0 being the phase 
origin here (Figures A.1-A.3, Appendix 2.1).   
It can be remarked from the above analysis that: as generally agreed, although balanced 
CRLH TL may be preferred in many cases, it is sometimes difficult to satisfy the 
balanced condition of ωse = ωsh resulting in a small gap in the passband, which indicates 
the mismatch. This may (or may not) be desirable depending on the application. 
Therefore, it is important to keep the ratio max(ωse)/min(ωsh)
17
 in mind when designing 
CRLH transmission lines, “to obtain good matching in the band of interest, even if 
necessary, by sacrificing the other unused bands” [2.1].  
Also, the distinction made between PRH, PLH and CRLH TLs is that: in a PRH 
structure, the lowpass cut-off is a direct property of the structure and therefore, 
exclusive to PRH section. Similarly, a highpass cut-off in PLH structure, is a direct 
property of that structure and therefore, exclusive to PLH section. However, in a real 
CRLH structure, phase interactions of RH and LH elements mean that these elements 
affect the respective cut-off frequencies, altering them slightly. Correct understanding of 
this phenomenon helps developing new structures that require particular phase lag or 
advance compensations, e.g. in dual-band applications. For instance, [2.1] has presented 
a cascade of RH and quasi-LH lines (i.e. a RH TL connected to a quasi-LH line) to 
prove this concept.  
2.3.3.3     Real Distributed 1D CRLH Structures 
It can now be said that balanced CRLH TL is preferred to unbalanced line, since it does 
not have a gap at the transition frequency, and therefore, more desirable for filter 
                                                          
17
 Width and depth of the gap are proportional to this ratio, and therefore, it may be reasonable to keep ωse 
and ωsh close to each other [2.1]. 
CHAPTER 2.  METAMATERIALS  61 
 
design. According to [2.1], design of a real distributed CRLH TL structure involves the 
use of equations in Table 2.4 and the following stages:  
1. Selection of an appropriate transition frequency (ω0), which will in most cases 
be the centre frequency of operational bandwidth (BW) of TL, based on:  
0
4
1
R L se sh
R R L LL C L C
           (2.19) 
where  
1 1 1 1
, , ,R L se sh
R R L L R L L RL C L C L C L C
       . 
2. Ensuring the proper matching on ports by applying the condition: 
0
R
R
R
L
Z Z
C
        (2.20a) 
0
L
L
L
L
Z Z
C
        (2.20b) 
3. Determination of the fractional bandwidth (FBW) by careful consideration  and 
control of the highpass LH cut-off frequency and lowpass RH cut-off frequency, 
using the LH and RH LC parameters
18
, as: 
 
 
2
cR cL
cL cR
FBW
 
 



      (2.21) 
where 1 1 LcL R
R

 

   , and 1 1 LcR R
R

 

   .  
4. Making an appropriate selection of number of unit-cells, N, depending on the 
desired application.  
5. Establishment of a good knowledge of the transmission response and the 
parameters influencing this response, perhaps with the help of readily available 
results.  
6. Using the above to evaluate the constitutive inductance LR, LL and capacitance 
CR, CL parameters of the CRLH TL; and then realising these using the preferred 
method between surface mount technology (SMT) chip components and 
distributed components. [2.1] gives many reasons to suggest that the latter are 
preferable; though ultimately it is the choice of the designer. 
                                                          
18
 Not the number of cells, N.  
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7. Selection of a fabrication technology will then has to be made, among 
microstrip, coplanar waveguide (CPW), stripline, etc., based on which inductors 
and capacitors are realised in the form of stub, spiral, etc. (for inductors) and 
interdigital, metal-insulator-metal (MIM) etc. (for capacitors), respectively. 
Associated LC parameters can then be extracted using [2.31] or the 
approximation formulas (2.22) and extraction method provided by [2.1] to help 
optimising the structure of CRLH TL.  
 tan
si
si sic
L
Z
L l

      (2.22) 
     1 21 3
ic
L rC l N A A pF         (2.23) 
Where superscripts si and ic denote stub inductor, and interdigital capacitor. 
Also,  l
ic
 and w
ic
 are the interdigital capacitor (IDC) length and finger widths, h 
is the substrate height, and A1 and A2 are:  
 
0.45
6
1 4.409 tanh 0.55 .10ic
h
A pF m
w

  
   
   
   (2.24a) 
 
0.5
6
2 9.92 tanh 0.52 .10ic
h
A pF m
w

  
   
   
   (2.24b) 
8. Once the optimal L and C parameters are known, they are used to obtain the 
“characteristic parameters” of the effectively homogeneous CRLH TL:  
, , . , .R RR R L L L L
L C
L C L L p C C p
p p
           (2.25) 
where p represents the physical length of unit-cell. It should be noted that the 
“characteristic parameters” of CRLH cells take the physical length of the unit-
cell into consideration. This means that the unit-cell characteristic capacitance or 
inductance in one configuration may be smaller than the same parameters in 
another configuration. For instance, for a fixed value of CL = 1pF, CʹL of a 
metal-insulator-metal capacitor would be typically smaller than CʹL of an 
interdigital capacitor because IDC would have a larger cell size, whereas in 
MIM, the same capacitance can be obtained with a smaller length.  
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Microstrip Implementation 
The first microstrip implementation of distributed TL MTM was presented in [2.32, 
2.33] and later used in many applications such as [2.34, 2.35]. The structure consisted of 
series interdigital capacitor and shunt stub inductance shorted to ground by a via, as 
shown in Figure 2.18. Indeed many other implementations have also been used to 
realise the CRLH TL [2.36-2.39].  
 
Figure 2.18. Microstrip implementation of CRLH TL using series IDCs and shunt shorted stubs [2.33].  
It has been reported that “the nature of propagation in the CRLH microstrip structure is 
quasi-TEM” which means that the electromagnetic field distribution in such structure is 
essentially the same as conventional microstrip structures
19
. Therefore, microstrip 
design parameters would have the same induced effect on electrical parameters of the 
CRLH equivalent LC network. In particular, an increase in height (or thickness) of 
substrate, would result in decrease in CR, increase in LL, and LR, decrease in ωcL and 
consequently an increase in bandwidth. Similarly, if the substrate permittivity is 
increased, CR increases and a decrease in CL, ωcR, ωcL and bandwidth is observed [2.1]. 
There are also conversion relations between parameters, TL characteristics and material 
constitutive parameters that are summarised in Table A.3 (Appendix 2.1).  
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 Except in the cross section of the stub exceeding the IDC width [2.1] 
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2.4 Conclusion 
In this chapter the fundamental properties of metamaterials were overviewed from an 
engineering point of view. As such, definitions and historical background of MTMs 
together with analysis of their main concepts and realisation methods have been 
presented. In particular, transmission line approach and associated equations and graphs 
for design and characterisation of CRLH TL structures at RF and 
microwave/millimetre-wave frequencies were provided. Discussions and analysis of this 
chapter will certainly be valuable in the design of constitutive transmission lines and 
characterisation of the metamaterial-based subsystems, especially the filter which will 
be discussed in Chapter 5. Therefore, a conclusion drawn from this chapter containing 
the notable points:  
 Electromagnetic metamaterials are defined as “artificial effectively homogenous 
electromagnetic structures with unusual properties”. Effective homogeneity 
condition (limit) refers to the condition where the structural average cell size p is 
much smaller than the guided wavelength λg, i.e. p << λg, or at least p < λg/4. By 
setting this limit, metamaterial structures are effectively considered as lumped-
elements, though realised using distributed elements. In other words, the 
structure is seen electromagnetically uniform along the direction of propagation, 
and therefore, seen as a material. Also, this condition ensures that in MTM 
medium, refraction dominates over scattering or diffraction, making them a 
reliable propagation media.  
 One of the quadrants of permittivity-permeability (ε-μ) diagram, where both ε 
and μ are negative, corresponds to the class of left-handed (LH) metamaterials, 
which are often characterised by antiparallel phase and group velocities, and 
have the potential to provide extremely reduced sizes and enhanced 
performances at microwave frequencies.  
 From review of historical speculation and experimental demonstrations of 
metamaterials, it became evident that in general, there are two methods of 
designing metamaterial structures: (i) using composite structures that combine 
thin-wires (TWs) and split-ring resonators - SRRs (in various shapes of rings) 
and (ii) using transmission lines (TLs) loaded with series capacitors and shunt 
inductors. Of course, numerous design methods with brilliant ideas have been 
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proposed in each for size reduction and/or performance enhancements. It has 
been frequently proved that TWs can produce –ε and SRRs can produce –μ, and 
together, LH structures are formed in a bulk (or volume) format.  
 Unlike RH medium in which Poynting vector S and phase propagation (or wave 
vector) β are in the same direction, in the LH medium, they are in opposite 
directions. In other words, in the former, energy (power flow) and propagation 
(phase) are in the same direction, while in LH medium, they are not. As 
mentioned, phase and group velocities are also anti-parallel vp -‖ vg.  
 Further numerical, theoretical and experimental verifications of the left-
handedness were provided, most of which focused on the homogeneity condition 
and the fact that under this condition, LH structures can be extended to 2D or 3D 
and still exhibit electromagnetic properties of real materials, with ε and μ of the 
structural units inducing qualitatively similar properties to molecules in natural 
materials (e.g. dielectrics).  
 It was reported that the TW-SRR was a resonant-type LH structure and therefore 
exhibited high loss and narrow bandwidth, and as such would cause distortion to 
the propagating signal. Consequently, the non-resonant TL approach of MTMs 
was introduced to possess low loss and broad bandwidth properties. In the TL 
MTM, loss can be minimised by realising a balanced structure and achieving 
good input and output matching. Also, bandwidth is controlled by TL 
constitutive LC parameters. TL MTMs have stayed in high demand as they can 
be realised in planar form, and perhaps more importantly because there exist 
well-established TL theory for an efficient design.  
 As mentioned, the initial proposed LH TL was mainly realised using series 
capacitor CL and shunt inductor LL. However, the existence of a purely LH TL 
was challenged with an indication of the fact that the current flowing along CL 
induces magnetic flux which gives rise to the presence of a series inductance LR, 
and similarly, voltage gradients between TL conductors and the ground gives 
rise to the presence of a shunt capacitance CR. The coexistence of LH and these 
so-called RH (or parasitic) components suggested the name composite right/left-
handed (CRLH) as a replacement to LH TLs.  
 Therefore, a CRLH TL constitutes a series resonant arm with per-unit-length 
impedance Zʹ (Ω) and a shunt resonant arm with admittance Yʹ (S). The former 
constitutes RH per-unit-length inductance LʹR (H/m) in series with a LH times-
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unit-length capacitance CʹL (F.m); and the latter consists of RH per-unit-length 
capacitance CʹR (F/m) in parallel with a LH times-unit-length inductance LʹL 
(H.m). The terms “times” and “per” unit-lengths are used to describe the 
“characteristic parameters” of the effectively homogeneous CRLH cells, by 
taking the physical length of the unit-cell into consideration. Therefore, the 
values of these characteristic parameters depend not only on the actual 
inductance and capacitance values, but also on length of the unit-cell.  
 If the LH and RH immittances are in turn considered to be zero, the CRLH TL 
reduces to a purely RH (PRH) TL and purely LH (PLH) TL, respectively. It can, 
therefore, be stated that (i) PRH and PLH TLs are dual of each other, (ii) a PLH 
TL cannot physically exist, and that (iii) all of the elements in the CRLH TL 
equivalent circuit contribute to the transmission characteristics of the line, and 
therefore, must be present.  
 Further analysis of the CRLH TL at low and high frequencies reveals that it has 
a bandpass response, thanks to the existence of both RH and LH elements. At 
low frequencies, series RH inductance LR and shunt RH capacitance CR tend to 
become short and open circuits, respectively. The remaining elements act as a 
highpass filter, producing a LH stopband below ωCL. Similarly, at high 
frequencies, the LH elements (series CL and shunt LL) tend to become short and 
open circuits, respectively, resulting in a RH lowpass filter circuit with a 
stopband above RH cut-off frequency ωCR. Combination of contributions from 
RH and LH elements will determine the transmission characteristics of the line 
at all other frequencies. Therefore, a passband can be observed between the LH 
highpass low-frequency and RH lowpass high-frequency stopbands. In other 
words, combined effect of the LH highpass response and the RH lowpass 
response produces the passband.  
 Depending on the configuration and layout of the CRLH TL (i.e. being balanced 
or unbalanced) a gap is seen on the passband. A general unbalanced CRLH TL 
has unequal series and shunt resonances ωsh ≠ ωse, which means that the 
complex propagation constant γ can be real at some frequencies, i.e. γ = α (β = 
0); hence the stopband (gap). In an unbalanced case, characteristic impedance Zc 
is also purely imaginary in the frequency gap. With Zc being a function of 
frequency, matching of unbalanced CRLH TL can only be achieved in a 
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restricted frequency band. It is, therefore, vitally important that the relationship 
between Zc (or port impedance) of the CRLH TL network and the LH and RH 
impedances ZL and ZR are carefully selected, as favoured matching in one (e.g. if 
Zc = ZL or Zc = ZR) will penalise the other. Also, since in an unbalanced CRLH 
TL, the transition frequency ω0, acts as the centre of operational bandwidth, to 
ensure that the available bandwidth is sufficiently large, ωL << ωR must be 
appropriately ensured. So, the simplified equations for cut-off frequencies PLHcL  
and PRHcR  of a balanced CRLH TL can be used as a rule of thumb to achieve a 
reasonable bandwidth.  
 In a balanced CRLH TL, however, ωse = ωsh = ω0, the maximum attenuation 
frequency becomes the transition frequency ω0 between LH and RH ranges. 
Therefore, the gap closes up in the passband, and Zc theoretically becomes 
frequency independent allowing for matching over an infinite band. So, a 
balanced CRLH TL is “intrinsically optimally matched over the whole 
bandwidth of the structure”. Also, a theoretical infinite-wavelength (λg = 2π/|β|) 
propagation can be achieved; though this is mainly limited by the frequency 
range of interest. Therefore, balanced CRLH TLs are mostly desirable in 
broadband applications, operating around the transition frequency ω0.  
 It is noted that no passband exists if the LH cut-off frequency is larger than RH 
cut-off frequency, i.e. if ωcL > ωcR. Indeed the so-called dual-CRLH (D-CRLH) 
TLs have been reported that while being LH, exhibit stopband nature by 
employing series parallel (instead of series) LC tank and shunt series (instead of 
parallel) LC tank topology. 
 In a balanced CRLH TL, the transition frequency ω0 is called the phase origin, 
since at ω0, the phase shift along the line of length l is zero, i.e. 0l    . At 
this frequency, the CRLH TL supports propagation i.e. vg ≠ 0, while β = 0. Phase 
ϕ is positive below ω0 and tends to ∞ as frequency approaches zero, and above 
ω0 it becomes negative with increase in frequency and tends to ∞ at very high 
frequencies. Also, at ω0, λg = ∞ which suggests that 0gl   ; λg is small at 
lower frequencies and increases with frequency, and at ω > ω0, λg decreases with 
ω.  
  Under effective homogeneity condition, a real CRLH TL line of total length l 
can be realised using ladder networks of cascaded (N times) unit-cells, i.e. l = 
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N∆z. If ideally N→∞ and l is finite, then ∆z→0 and LC components can be 
considered as lumped. Although these networks (similar to the RH case) will 
operate in a restricted frequency range (mainly controlled by LC parameters), 
the controllable frequency range in the TL approach of MTMs “is incomparably 
larger than that of resonant-type structures” discussed above (i.e. TW-SRR). The 
homogeneity condition is essential to ensure that resonances (or other effects) 
are absent along the discontinuities of the line. Also, analysis of the nonperiodic 
unit-cells has confirmed that periodicity in MTMs is not mandatory and it does 
not represent any restrictions. However, MTMs are in general implemented in 
periodic configurations for simplicity, and design, analysis convenience.  
 It was mentioned that CRLH TLs naturally resemble performance of 
conventional bandpass filters. However, essential distinctions exist between the 
two that include: (i) the presence of homogeneity condition in CRLH TLs and 
not in conventional filters, (ii) filtering characteristics of CRLH TLs are not 
usually used as in filter, but are merely intrinsic properties of the TL, (iii) unlike 
conventional 1D filter structures, MTM structures can be 2D or 3D and behave 
as bulk media, (iv) design of MTMs are generally based on phase specifications, 
whereas conventional filters are designed based on magnitude specifications, 
and (v) in general each unit-cell in conventional filters has a different electrical 
parameter for given specifications of particular design, though MTM structures 
often employ identical cells.  
 CRLH TLs (like other structures) are often designed symmetrically to make 
their characterisation easier, and also to avoid mismatch at connections with 
external ports by ensuring that input and output impedances are equal. For 
symmetry, often T-equivalent circuits are employed, though π-networks are 
equivalently usable. Scattering and ABCD parameters are alternatively used to 
characterise the CRLH equivalent circuits. Since dispersion characteristic β(ω) 
is a continuous function of frequency, the unwrapped phase ϕunwrapped is used to 
compute the propagation constant β of the CRLH TL. In other words, 
unwrapped phase determines the exact shape of dispersion curve, and the phase 
origin (θ = |β|l = l/λg = 0) on this curve is idenfitied by determining the phase 
offset of the unwrapped curve to the real physical dispersion. 
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 Study of electrical length ∆ϕ of CRLH unit-cell reveals that in both PRH and 
PLH cases of such cell, there are three frequencies that affect the electrical 
length and therefore phase of the TL: the cut-off frequencies ωc, the pole 
frequency (or homogeneity limit frequency) ωh, and LH and RH resonant 
frequencies ωL and ωR. In the PRH case, ∆ϕR < 0 below ωh which means that 
phase lag exists in this region. ∆ϕR > 0 between ωh and ωcR. In the PLH case, 
∆ϕL > 0 above ωcL and becomes ∆ϕL < 0 below this frequency.  
 Study of the transmission response shows that the return loss |S11| of a ladder-
type cascaded CRLH TL two-port network exhibits N-1 reflection peaks (N: 
number of cells). Magnitude of these reflection peaks decreases towards their 
phase origin (where perfect homogeneity condition is satisfied, i.e. where ∆ϕ = 
0) with reduction of phase discontinuities, resulted from resonance and other 
effects directly exerted by the cell size (particularly its length). Also, the 
distance between these peaks is mainly controlled by the relationship between 
frequency and electrical length of that particular network TL. So, in PRH TL, 
∆ϕR α ω, and in PLH TLs, ∆ϕL α 1/ω. In addition, equations have been provided 
to compute the resonance and total phase shift for PLH and PRH and CRLH 
cases at any point of the TL.  
  As final remarks, it is generally agreed that although balanced CRLH TLs may 
be preferred, it is sometimes difficult to satisfy the balanced condition and a 
small gap in the passband may be inevitable, indicating the mismatch. Indeed 
this gap may be desirable in some applications. Nevertheless, it is good practice 
to keep the ratio max(ωse)/min(ωsh) in mind when designing CRLH transmission 
lines, “to obtain good matching in the band of interest, even if necessary, by 
sacrificing the other unused bands”. Also, correct understanding of nature of 
highpass LH and lowpass RH phenomenon helps developing new structures that 
require particular phase lag or advance compensations, e.g. in dual-band 
applications. Also, despite the fact that established equations exist, for an 
optimal design of CRLH TLs and structures, design process is an iterative one, 
and there are certain stages that need attention. These include: (i) selection of an 
appropriate transition frequency ω0 , (the centre frequency of operational BW), 
(ii) applying the matching condition to ensure proper matching on ports, (iii) 
determination of the fractional bandwidth (FBW), (iv) making an appropriate 
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selection of number of unit-cells, N, (v) establishment of a good knowledge of 
the transmission response and the parameters influencing this response 
  However, it is expected that an optimal design will have iterative process, and 
(vi) lastly, using the above to evaluate the constitutive inductance LR, LL and 
capacitance CR, CL parameters of the CRLH TL and realising them through 
preferred method of fabrication; being SMT or distributed components 
(microstrip, CPW, etc.). It is then the art and experience of designer to 
intelligently implement and analyse the CRLH structures (most often using 
series interdigital capacitor and shunt shorted stub/spiral inductor).  
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Chapter 3 
Metamaterial Stepped Impedance Resonators 
3.1 Introduction 
In this chapter, transmission line resonators, specifically stepped impedance resonators 
(SIR), are studied in terms of their electrical parameters (e.g. input impedance, electrical 
length, etc.), and examined using analytical calculations, RLC equivalent circuit models, 
electromagnetic full-wave simulations and measurements. In particular, CRLH λg/4-type 
SIR is designed, characterised and compared to its conventional (right-handed) 
counterpart in terms of size and performance. The CRLH λg/4-type SIR is then extended 
to multi-section SIRs, i.e. λg/2-type CRLH SIR, tri-section CRLH SIR and tunable 
ferrite-based CRLH SIR, details of which will be described in the following sections.  
3.2 Transmission Line Resonators 
Microwave resonators are used in a variety of applications, including filters, oscillators, 
frequency meters, tuned amplifiers, etc. [3.1]. They are highly demanded due to their 
relatively simple structure and cost-effectiveness. They can be modelled using RLC 
resonant circuits, and implemented at microwave frequencies using distributed elements 
such as transmission lines, rectangular and circular waveguides, and dielectric cavities.  
In this work, transmission line resonators (TLRs) are implemented, due to their simple 
structure and easy-to-design features [3.2], to realise right-handed and subsequently left-
handed filters. Before that, thought, it is necessary to determine the most suitable type 
of TLR.  
Among diverse configurations of planar TL resonators utilising transverse 
electromagnetic modes (TEM) or quasi-TEM modes with applications in RF and 
microwave frequencies, are coaxial resonators, stripline resonators, etc. Such resonators 
(often presented in a uniform impedance topology) have simple structure, low costs, the 
capability of wide application to various devices, and also can be integrated with active 
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circuits [3.3, 3.4]. However, they suffer size problem and reportedly, do not have high 
Q
1
 values (and hence are lossier) compared to waveguide or dielectric resonators [3.2, 
3.5]. In addition, their simple structure, ironically, provides limited design parameters, 
and, perhaps more importantly, their spurious responses occur at integer multiples of the 
fundamental resonance frequency, i.e. (n + 1)f0 where n = 1, 2, 3, …  [3.2, 3.6]. This 
degrades the stopband rejection and the response symmetry of application circuits, 
especially in planar filters [3.7]. To overcome these limitations, a new class of 
resonators, namely stepped impedance resonators (SIR) [3.2], was presented and found 
to be one of the most popular candidates for filter design [3.8, 3.9]. SIRs are capable of 
reducing resonator (hence filter) size without degradation of the unloaded-Q [3.2], as 
well as being able to control spurious frequencies by design, as will be seen [3.10]. In 
the following section, the most important properties of SIRs are studied in more details. 
3.3 Stepped Impedance Resonator (SIR) 
In this section, primarily, a theoretical background to SIR is presented. The theory is 
then used to design a RH SIR that operates at 2.1 GHz for WLAN applications. 
Combining this with the CRLH TL theory presented in Chapter 2, a novel CRLH SIR is 
proposed. In the same manner, the findings of the CRLH SIR in the form of a 
generalised theory will be presented. Theoretical, numerical and experimental results 
are then analysed and lastly, a comparison is made between the RH and CRLH SIRs to 
illustrate the benefits of the novel design.   
3.3.1    SIR Theory and Configuration  
3.3.1.1   Resonance Conditions and Resonator Electrical Length 
Stepped impedance resonator is a TEM or quasi-TEM mode resonator composed of two 
or more transmission lines of different impedances Zi and electrical lengths θi, 
terminated by either short or open circuit load. Figure 3.1 shows the fundamental 
structural element of a short-circuited SIR
2
, i.e. λg/4-type [3.2]. By defining this 
                                                          
1
 Quality factor, defined as a characteristic of the resonant circuit, when loading effect from external 
circuitry is not present [3.1] 
2
 In [3.2], the structure of Figure 3.1 corresponds Z2 to θ1, and Z1 to θ2. This relation proves incorrect if 
Equation (3.1) is to be obtained. The correct figure is therefore shown here.  
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fundamental element, λg/2 and λg-type SIRs can be looked upon respectively, as a 
combination of two and four fundamental elements.  
 
 
 
 
 
 
 
     β: Phase constant  
Figure 3.1. Electrical parameters of elementary SIR with an open-end, short-end and an impedance step 
[3.2] 
The input impedance and admittance are defined as Zin and Yin (=1/Zin), respectively. 
When ignoring the influences of step discontinuity and edge capacitance at the open 
end, Zin can be expressed as [3.2]:  
 1 1 2 2
2
2 1 1 2
tan tan
tan tan
in
Z Z
Z jZ
Z Z
 
 



    (3.1) 
Therefore, parallel resonance condition, Yin = 0, can be obtained as follows:  
 
1 2
tan . tan
Z
R       (3.2) 
where RZ = Z2/Z1. As it can be seen from (3.1) and (3.2), unlike UIR in which resonance 
condition is solely determined by the TL length, in an SIR, impedance ratio and 
resonator length are both taken into account [3.11].  
Effects of discontinuities on the open end and step junction of the SIR have been 
analysed using appropriate capacitances in [3.2, 3.1]. Such discontinuities have shown 
to add an effective TL length to the SIR actual length, affecting the resonance frequency 
of the SIR, which becomes very significant at high frequencies. However, this is often 
compensated by adjusting the length of SIR TL sections (for open end fringing 
capacitance) and taking into account the equivalent capacitance (for step junction). 
It is noted that the resonance conditions of λg/2- and λg-type SIRs could also be 
expressed using the above equations. The overall electrical length of the SIR, 
represented by θTA, is expressed as:  
Z2 Z1 
θ2 θ1 
Open-circuited plane     Short-circuited plane 
Yin 
(=1/Zin) 
(βl1) (βl2) 
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 1 2 1
1
1tan tanTA ZR    

                (3.3) 
The relationship between electrical length θ1 and normalised
3
 resonator length Ln of an 
SIR, taking RZ as parameter, is shown below.   
 
 
 
 
 
 
 
 
 
 
 
 
Figure 3.2. Graphical representation of resonance condition of SIR [3.2].  
It can be seen from Figure 3.2 that Ln attains a maximum value when RZ ≥ 1 and a 
minimum value when RZ < 1 (the peaks in the curves). In other words, one can obtain 
an infinitely short resonator length if smaller RZ value is applied, while maximum SIR 
length is limited to twice that of the corresponding UIR measuring π/2; since the 
normalised SIR length is defined by    11 12 2 tan tann TA ZL R    
     . 
Examinations carried out by Makimoto and Yamashita also revealed that θ1 = θ2 is a 
special condition that results in SIR minimum (for 0 1ZR   and 0 2TA   ) or 
maximum (for 1ZR   and 2 TA    ) [3.2]. This will be made clearer in Section 
3.3.2.  
3.3.1.2    Spurious Resonance Frequencies 
If we take the fundamental resonance frequency as f0, and the lowest spurious 
frequencies of λg/4, λg/2 and λg-type SIRs as fSA, fSB and fSC respectively, and assume the 
TEM mode as the dominant resonance mode (neglecting the step junction effect), then:  
1
0 0
1,
tan
SA SA
Z
f
f R
 
 
        (3.4) 
                                                          
3
 With respect to θ of the corresponding UIR measuring π/2.  
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1
0 0 0 2 tan
SB SC SB
Z
f f
f f R
 
 
       (3.5) 
where it is also assumed that θ1 = θ2 = θ0 [4.2]. It can be deduced from (3.4) and (3.5) 
that the resonator length and corresponding spurious resonance frequencies can be 
controlled by the impedance ratio RZ. Thus, it may be suggested that a small RZ value 
would result in an optimal design
4
 while simultaneously minimising the resonator 
length. It is, therefore, noted that a λg/4-type SIR benefits not only from a wider 
spurious-free region (shifting the first spurious resonance frequency from (n+1)f0 to 
around (2n+1)f0), but also from a higher degree of control compared to UIR, thanks to 
the extra available parameter RZ, introduced in (3.4). The lumped-element equivalent 
circuit analysis of the SIR (addressed by Makimoto and Yamashita) is presented in 
Appendix 3.1. 
3.3.1.3    Unloaded Q of the SIR 
The unloaded-Q (Q0), is a figure of merit, used for evaluation of electrical performance 
of a resonator [3.2]. In other words, Q0 of a general resonant circuit is defined as the 
ratio of maximum energy stored in the resonant circuit Ws, to the average power loss PL, 
multiplied by the angular resonant frequency of the resonator ω0:  
0 0
S
L
W
Q
P
        (3.6) 
Ws and PL are defined as [3.2]: 
2 2
2 2
s
V V
W H dV E dV
 
        (3.7a) 
PL = PLC + PLD     (3.7b) 
where V is the volume, the material permeability is μ = μ0μr, and permittivity is ε = ε0εr, 
PLC is the surface resistivity loss of the resonator, and PLD is the material dielectric loss. 
Also, E and H are electric and magnetic field distributions.  
For an SIR, Q0 can be found from (3.6) and (3.7) to be:  
0
1 1 1
C dQ Q Q
       (3.8) 
where QC and Qd are determined by PLC and PLD, respectively, and defined as [3.2]:  
                                                          
4
 The lower the impedance ratio RZ, the further the spurious resonance frequencies are pushed.  
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1 LCL LD
s s s
PP P
Q W W W  
        (3.9) 
Similarly, the total stored energy can be obtained as the sum of maximum stored 
energies in both TL sections:  
1 2s s sW W W         
        
 22 01 02 020
1 01 01 2 2
02
cos 2 sin 2
2 sin 2
8 sin
I
L L
  
 
 
 
   
 
  (3.10) 
with 1 and 2 denoting regions of different TL impedances Z1 and Z2, and L1 and L2 as 
the inductance-per-unit-lengths of SIR TL sections. Qd is also representing the effect of 
electric field: 
1
tan d
dQ
       (3.11) 
where tanδd is the dielectric loss tangent
5
.  
Therefore, the main power losses in the SIR occur at the surface of the two conductors 
PLC1,2, the short-circuited ends PLSC, TL step junction PLSJ, and in dielectric material 
PLD1,2. It is worth mentioning that the radiation loss is not included in the relation (3.7b), 
as it is very small for the structure concerned. Detailed equations of these parameters 
can be found in [3.2].  
3.3.2 Analysis of SIR Electrical Parameters 
An accurate study of (3.1)-(3.3) reveals that two main scenarios can be considered for a 
fundamental element short-circuited λg/4-type SIR. One, based on impedance ratios and 
the other based on relationship of electrical lengths. Observations of graphical 
representation of (3.2), presented in Figures 3.3 and 3.4, show that the following apply 
at the fundamental resonance condition:  
θ1 + θ2 = 90° → RZ = 1,  (θ1 = 90° - θ2)    (3.12a) 
θ1 + θ2 < 90° → RZ < 1,  (θ1 < 90° - θ2)     (3.12b) 
θ1 + θ2 > 90° → RZ > 1,  (θ1 > 90° - θ2)     (3.12c) 
                                                          
5
 If dielectric constant is expressed using real and imaginary components, ε = ε′ – jε′′, then tanδd = ε′′ / ε′.  
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Figure 3.3. 3-D graphical representation of the relationship between impedance ratio RZ and the resonator 
electrical lengths, θ1 and θ2.  
It can be seen from Figures 3.3 and 3.4 that the impedance ratio RZ tends to stay less 
than 10 with changes in θ’s up to around 80°, where it gradually shows an exponential 
response peaking around RZ = 3282 at θ1 = θ2 = 89°. It is also noted that there are 
numerous combinations of θ1 and θ2 that satisfy the conditions set in (3.12). For 
instance, it is seen in Figure 3.4 that, RZ < 1 can be obtained with any set of θ’s as long 
as θ1 + θ2 < 90° (shown in yellow). Similarly, RZ > 1 and RZ = 1 can be obtained with 
any set of θ’s as long as the conditions θ1 + θ2 > 90° (coloured in red), and θ1 + θ2 = 90° 
(coloured in green) are respectively satisfied. It can, therefore, be said that 
miniaturisation of SIR requires the reduction of impedance ratio RZ [3.2]. 
It is also worth mentioning that Figure 3.4 assumes the resonance condition, Zin = ∞ at 
all of the points on the graph. Another point that interests the author is where θ’s are 
equal. Examples of this have been seen on points: θ1 = θ2 = 14
o
 (RZ = 0.06216), θ1 = θ2 
= 45
o
 (RZ = 1), and θ1 = θ2 = 72
o
 (RZ = 9.472). It can be clearly seen that (3.12) also 
applies correctly here.  
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Figure 3.4. 3-D graphical representation of the relationship between RZ, θ1 and θ2, based on (3.2); three 
sets of points (RZ = 1, RZ > 1 and RZ < 1) have been highlighted on the diagram to verify (3.6). In the 
figure, RZ, θ1 and θ2 combinations at each point are: 1: θ1=22˚, θ2 = 68˚, RZ = 1, 2: θ1=36˚, θ2 = 54˚, RZ = 
1, 3: θ1=49˚, θ2 = 41˚, RZ = 1, 4: θ1=34˚, θ2 = 66˚, RZ = 1.515, 5: θ1=49˚, θ2 = 61˚, RZ = 2.075, 6: θ1=75˚, θ2 
= 63˚, RZ = 7.325, 7: θ1=25˚, θ2 = 24˚, RZ = 0.207, 8: θ1=55˚, θ2 = 30˚, RZ = 0.824, 9: θ1=59˚, θ2 = 17˚, RZ = 
0.508.  
The Q of SIR can also be plotted against characteristic impedance of the TLs. It can be 
deduced from Figure 3.5 that the Q value degrades as the resonator length decreases. 
However, it is reported that the degree at which resonator miniaturisation affects the 
degradation in Q is very much smaller in SIR than other similar resonators [3.2]. 
Nevertheless, it must be noted that the relationship between Q, Zi and RZ shown in 
Figure 3.5 is only showing the case where θ1 = θ2 (i.e. l1 = l2). Therefore, the maximum 
value of Q is not limited to the values shown in the figure, and higher Q values have 
been reported for l1 > l2 [3.2].   
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Figure 3.5. Relationship between normalised-Q and line impedance Zi; QCN is normalised with respect to 
the maximum value of unloaded-Q of coaxial UIR [3.2].  
It has been reported that the unloaded-Q (Q0) can be improved by allowing for 
maximum resonator volume. In other words, Q0 increases with an increase in resonator 
length Ln. The rate of increase is higher at smaller resonator lengths but decreases at 
larger Ln. In a separate relation, Q0 increases with the resonance frequency, and this 
increase becomes sharper at higher frequencies [3.2].  
3.3.3 Resonator Losses 
As mentioned above, the quasi-TEM microstrip TLR under consideration constitutes 
two sections of TLs with different electrical parameters (characteristic impedance and 
electrical length). As such, the SIR exhibits attenuation (loss) mainly due to the power 
loss at the surfaces of the two conductors PLC1,2, the short-circuited ends PLSC, TL step 
junction PLSJ, and in dielectric material PLD1,2. Ignoring the PLSC and PLSJ losses, 
dielectric and conductor losses (for the particular adopted substrate) can be calculated 
for both TLs, the sum of which would make up the total loss in the structure. It can be 
seen from Table A.4 (Appendix 3.1) that the microstrip SIR has an overall attenuation 
of 0.108 Np/m, which should not affect the performance of the resonator by much. The 
constitutive transmission lines of the SIR could be, therefore, considered as lossless.  
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3.3.4 Design of the RH λg/4-type SIR  
In this section, a conventional (right-handed) λg/4-type microstrip SIR is designed based 
on the theories and observations provided above. In doing so, primarily an equivalent 
circuit model for the RH SIR design has been constructed in Agilent‟s ADS 2009. The 
SIR is also designed and simulated using commercial full-wave electromagnetic 
simulator, Ansoft HFSS v.12, the layout and results of which are presented. The ADS 
and HFSS simulation results are compared and both results are also verified using 
analytical calculations made from available equations in the literature.  
The RH SIR is designed to operate at 2.1 GHz for wireless local area network (WLAN) 
applications. The electrical parameters selected for this design are calculated as follows:  
Let Z1 = 77 Ω, Z2 = 94 Ω, and θ1 = 63˚,  
Using (3.2), θ2 is calculated as:  
 
1 1
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tan tan 63
ZR

 
  
          
 
Given the characteristic impedance of the microstrip line, its dimensions can be 
calculated as [3.1]:  
0
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  (3.13) 
where, as seen in Figure 3.6, W is the width of microstrip transmission line conductor, d 
is the height of the dielectric material (substrate); and εe is the effective dielectric 
constant of the microstrip line, calculated as [3.1] 
1 1 1
.
2 2 12
1
r r
e
d
W
 

 
 

      (3.14) 
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Figure 3.6. (a) Geometry, (b) electric and magnetic field lines, and (c) quasi-TEM representation of 
microstrip transmission line; Weff is the effective width including the fringing fields (Weff > W) [3.1].  
For a given characteristic impedance Z0 and dielectric constant εr, the W/d ratio can be 
found as 
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Based on (3.13) – (3.15)6, the layout of the SIR is obtained and shown in Figure 3.7. It 
should be noted that for (3.1) to be valid, Z1 and Z2 must be fixed at their positions (as 
seen), regardless of their values. Consequently, each electrical length should be 
correctly assigned to its impedance, i.e. θ1 to Z1, and θ2 to Z2, resulting in the correct 
physical dimensions.  
 
 
Figure 3.7. Microstrip layout of the RH λg/4-type SIR: W2 = 1.55mm, L2 = 9.60mm, W1 = 2.32mm, L1 = 
17.50mm.   
                                                          
6
 And using “LineCalc” tool from Agilent Advanced Design System (ADS).   
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General requirements for TL-intended dielectric substrate materials include a low loss-
tangent, high permittivity, and temperature stability [3.2]. Therefore, substrate selection 
is very important as it affects the whole design. Table 3.1 presents a summary of the 
electrical and physical parameters used in the design.  
Table 3.1. Electrical and physical parameters used in design of the RH SIR.  
 
Parameter Value 
Substrate 
(Rogers RT/ 
Duroid 5880) 
Dielectric constant, εr 2.2 
Relative permeability, μr 1 
Substrate thickness, H 1.57 mm 
Upper ground plane to substrate spacing 
in length units, Hu 
3.9×1034 mil 
Conductor thickness, T 0.035 mm 
Conductivity, ConD 4.1×107 S/m 
Loss tangent, Tanδ 9×10-4 
Roughness, Rough 0.00 
Component Centre (operating) frequency, Freq 2.1 GHz 
Physical 
Conductor width, W 
W1 = 2.32mm 
W2 = 1.55mm 
Conductor length, L 
L1 = 18.60mm 
L2 = 10.44mm 
Calculated 
Effective dielectric constant: K_eff 
TL1 1.803 
TL2 1.765 
Total attenuation of the structure in dB, 
A_DB 
TL1 0.010 
TL2 0.006 
Skin depth: 
0
2
s
r


 
 ,  
ρ = bulk resistivity (Ω.m), 02 f   , 
7
0 4 10 
  H/m.  
TL1 0.001m 
TL2 0.001m 
As mentioned, the parameters associated with the employed microstrip TL are presented 
in Table 3.1. However, it can be noted that these parameters have been optimised (fine-
tuned) in the electromagnetic simulator, HFSS, in order to achieve the highest input 
impedance, |Zin|, at resonance. Therefore, as seen in Figure 3.7, the RH SIR is 27.1mm 
long and 2.3mm wide.  
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The response of this SIR could be predicted using: (i) analytical calculations in (3.1), 
(ii) shunt RLC resonant circuit model in [3.1], and (iii) TL equivalent circuit model. 
These results could then be used to verify the full-wave electromagnetic simulation 
response obtained from HFSS.    
3.3.4.1    Analytical Calculation Results 
Given Z1 = 77Ω, Z2 = 94 Ω, θ1 = 63˚, θ2 = 32˚, from (3.1), |Zin| becomes:  
   
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. 45,781.66 45,800
77 tan 63 .tan 32
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


          
  
 
3.3.4.2    CAD Design 
A. Equivalent Circuit Model 
Based on the RLC resonant circuit theory presented in [3.1, 3.13], the short-circuited 
λg/4-type SIR can be modelled using parallel RLC lumped-element equivalent circuit 
[3.2], shown in Figure 3.8. The expected |Zin| response is also shown.  
 
       
 
 
      (a)                          (b) 
Figure 3.8. (a) Parallel RLC resonator equivalent circuit and (b) its expected response in terms of input 
impedance magnitude versus frequency 
The RH SIR is designed and simulated in ADS according to the specified electrical 
parameters. Equivalent circuit model of the SIR design is depicted in Figure 3.9.  
+ 
– 
 L C R 
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V 
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0.707R 
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ω/ω0 1 
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Figure 3.9. The equivalent circuit model of the short-circuited λg/4-type RH SIR.  
The response of the RH SIR is verified using ADS simulation, as shown in Figure 3.10. 
It can be seen that as expected, the SIR resonates at 2.1 GHz resulting in the exact |Zin| 
value as calculated (i.e. 45,781.66Ω). It is also observed that the SIR spurious 
frequencies occur at (2n+1)f0 values, i.e. fs1: 5.95 GHz and fs2: 9.85 GHz, which was 
again predicted.  
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Figure 3.10. ADS simulation response of the SIR equivalent circuit model shown in Figure 3.9.  
B. Extracting the Lumped-Element Values 
Lumped element values of the RH SIR equivalent circuit can be extracted using various 
methods, including S-parameters [3.19]. Alternatively, the total capacitance, inductance 
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and resistance values of constitutive TLs of the SIR can be calculated using 
conventionally available microstrip equations. These values may be used to construct 
SIR equivalent circuit model to verify its response. To avoid confusion, the values are 
denoted by their impedance number, i.e. the components that correspond to TL 
representing Z2 are denoted by L2, C2, R2, and the same for Z1.  
(i) Capacitors 
Capacitance of a parallel-plate capacitor can be calculated using:  
0r
A
C
d
         (3.16) 
where εr is the relative permittivity of dielectric, ε0 is the free space permittivity, A is the 
parallel plate area, and d is the separation distance between the two plates [3.32].  
2.2r  , 
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(ii) Inductors 
Stub inductances can also be calculated as:  
0
2
ln 0.5
2
seg
self segment seg
l
L l
w t



   
     
  
    (3.17) 
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where Lself is the self-inductance of a TL conductor, μ0 is the free space permeability 
( 70 4 10 
  H/m), lseg is the length of a line segment, w is the width of the conductor, 
and t is the conductor thickness [3.14].  
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(iii) Resistors 
Resistance of the conductors are calculated using [2.32]:  
l
R
A

       (3.18) 
where l is the length of conductor, ρ is the electrical resistivity ( 81.68 10   Ω.m), and 
A is the cross-section area of the conductor.  
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(iv) Via Inductance 
There are in general two types of via holes different in the way they are realised. One is 
purely a hole filled with metal, and the other is a plated through hole. The latter is 
implemented in this work, and its inductance is reported to be higher [3.33]. Equations 
for calculation of both inductors are presented below. 
4
5.08 [ln 1]via platedthrough
h
L h
r
          (3.19) 
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and,  
 
2 2
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h r h
L h r r h
r



   
     
    
   (3.20) 
where h is the via conductor height, and r is the via radius, both in meters [3.15]. 
31.57 10h m  , 30.125 10r m  , 0.5777viaL nH     
Table 3.2 summarises the calculated lumped-element equivalent circuit parameters and 
their values.  
Table 3.2. Lumped-element values for the RH SIR equivalent circuit.  
 Capacitance (pF) Inductance (nH) Resistance (Ohms) 
Z2 C2 = 0.184 L2 = 5.749 R2=1.083× 10
-5
 
Z1 C1 = 0.503 L1 = 11.195 R2=7.241× 10
-6
 
 
3.3.4.3    Full-Wave Simulation Results 
Once both electrical and physical characteristics (parameters) of the λg/4-type SIR are 
known, the structure is designed in both Ansoft HFSS v.12 (3-D simulator) and ADS 
2009 Momentum (2.5-D simulator), and simulated in frequency domain. As mentioned 
above, a small difference is observed between the calculated physical values and the 
optimised values that are used in the simulator. The difference is mainly due to the 
unaccounted electromagnetic interactions between ports, and also in and around the 
resonator structure; the effects of which could be compensated by proper tuning of the 
structure dimensions, e.g. TL lengths. The RH SIR is simulated on a Rogers RT/Duroid 
5880 dielectric substrate with dielectric constant εr = 2.2, thickness h = 1.57 mm and 
loss tangent Tanδ = 0.0009, the simulation results of which are depicted in Figure 3.11.  
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Figure 3.11. A comparative graph illustrating the |Zin| response of RH SIR obtained from HFSS and ADS 
Momentum simulations.  
It can be seen from the figure that both SIR designs resonate at 2.1 GHz, as expected, 
with similar |Zin| values of around six thousand ohms. It is worth mentioning that the 
value of |Zin| by itself does not mean much, as it depends on a number of factors 
including fabrication, packaging, etc.   
3.3.5 Design and Development of the CRLH λg/4-type SIR 
From the left-handed theory and transmission line model provided in the previous 
chapter, it can be suggested that the general (basic) concept behind design of the CRLH 
SIR is the same as its RH counterpart. The difference, of course, lies in realisation 
method of the TL constitutive elements, i.e. inductors and capacitors, and their 
contribution towards the output |Zin|. In this section, CRLH SIRs are designed, 
fabricated and characterised. The results obtained from both simulation and 
measurements of RH and CRLH SIRs will be compared to verify the validity of the LH 
approach. In doing so, the basics of resonator design and its properties are kept at 
minimum, and more attention is given to the CRLH configuration of the SIR.  
It was stated that CRLH structures realised in planar configuration employ periodically 
loaded TLs often using series capacitance and shunt shorted inductance [3.16]. 
Likewise, the presented short-circuited λg/4-type CRLH SIR is designed using a 
symmetrical combination of two sections of balanced CRLH TLs with different 
impedances. Each section is designed to have only one unit-cell formed of microstrip 
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line loaded by series interdigital capacitors (IDC) and shunt shorted spiral inductor, as 
shown in Figure 3.12. IDCs and spiral inductors are chosen due to the fact that they 
offer higher degree of design flexibility
7
, because of more available design parameters. 
Also, balanced CRLH TLs are employed to ensure a seamless transition from LH to RH 
operating region.    
 
 
 
 
 
 
 
 
 
 
 
 
Figure 3.12. Layout of the short-circuited λg/4-type CRLH SIR.  
The characteristic impedance and electrical length of each of the CRLH TL sections can 
be calculated
8
 using (3.21) and (3.22) [3.16].  
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where ω is the angular frequency, LR (H/m) and CR (F/m) are the parasitic RH per-unit-
length inductance and capacitance, and LL (H.m) and CL (F.m) are the LH times-unit-
length inductance and capacitance, respectively.  
It is noted that the CRLH characteristic impedance ZCRLH is a function of both RH 
(parasitic) and LH inductances and capacitances, the values of which can be found in a 
number of ways, including an iterative process based on established approximate 
                                                          
7
 Compared to metal-insulator-metal (MIM) capacitors, and stub inductors, respectively. 
8
 Derived from Table 2.2 and (2.8).  
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closed-form equations for each component. The most common parameter extraction 
methods will be described later in this chapter.   
Here, the theories and observations provided in previous sections are used to realise a 
CRLH λg/4-type SIR that has the same electrical parameters as its RH counterpart, 
designed above. As such, the CRLH SIR is constructed using two sections of CRLH 
TLs, each of which is formed of series IDC and shunt square spiral inductor (SSI), 
contributing towards different characteristic impedances. Therefore, similar to the RH 
SIR design, the desired impedances and electrical lengths (phase angles) are chosen to 
be Z1 = 77 Ω, θ1 = 63°, and Z2 = 94 Ω, θ2 = 32°. Assuming purely LH TL sections (i.e. 
no RH elements present), and considering the fact that both RH and LH SIRs have the 
same electrical parameters, very close values of constitutive inductance and capacitance 
for each TL section can be obtained; which of course will be optimised later. Thus, one 
can start with values from Table 3.2, C2 = CL2 = 0.184 pF, C1 = CL1 = 0.503 pF, L2 = 
LL2 = 5.749 nH, and L1 = LL1 = 11.195 nH. It should be noted that these are purely the 
assumed LH parameters and it‟s needless to say that RH parameters also need to be 
introduced and the given values optimised accordingly.  
As mentioned, there are a number of approaches that can be used to physically realise 
the constituent 1-D CRLH unit-cell TLs of the SIR. First, is the general approximate 
method used in [3.18]. Second, is to use the equations in the literature for individual 
components of the unit-cell TL to realise the desired immittances
9
 (including equations 
(2.22)-(2.25) in the Chapter 2); and the third method would be to use S-Parameters to 
extract the TL constitutive parameters [3.16]. All of these methods are implemented to 
provide a reliable design mechanism. More specifically, the first method is used to 
design the CRLH SIR unit-cells and the other methods are used to both verify and 
optimise the structure based on desired electrical response.  
A.    Approximate Equations for Unit-Cell-Block Design 
For the centre frequency f0 of 2.1 GHz and the same electrical parameters as those of 
Table 3.1,  
 The width w required to obtain the characteristic impedance Z0 is calculated,  
 Stub width ws is set to 20% of the w value, 
                                                          
9
 Immiittance: electrical impedance or admittance of a circuit or system. 
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 Stub length lsi (lsi = ls - w) is set to w (the electrical length of the stub has to be 
less than π/2), 
 Number of fingers N is set to 8 or 10, 
 The IDC finger widths wc and spacing between fingers s are calculated using: 
5 2
3 3
c
w
w
N

 
 
 
      (3.23a) 
2
3
cws         (3.23b) 
 The length of interdigital finger lc is also calculated using: 
0
0
8 8
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c
r
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f


        (3.24) 
where λg is the guided wavelength and c0 is the speed of light in vacuum [3.18].  
B.    1D CRLH Unit-Cell Parameter Extraction Using П – T Network 
As mentioned, a typical CRLH unit-cell (shown in Figure 3.13) consists of series IDC 
and shunt stub inductor (SI). The constitutive parameters of this unit-cell, i.e. LR, CR, LL 
and CL, can be extracted using the scattering parameters (S-parameters) obtained from 
full-wave simulations and/or measurements of IDC and stub inductor, taken separately.  
 
 
 
 
 
 
 
(a)               (b) 
Figure 3.13. Unit-cell of microstrip CRLH TL with series IDC and shunt stub inductor (a) top view (b) 
side view [3.16].  
In order to do that, the equivalent circuit of the unit-cell and its auxiliary T- П network 
are used, which are shown in Figure 3.14. 
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(a) 
 
 
 
 
 
(b) 
Figure 3.14. (a) Equivalent circuit model of the unit-cell seen in Figure 3.13, (b) its auxiliary equivalent T 
and П networks [3.16].  
These S-parameters are then converted into admittance/impedance (Y/Z)-parameters 
using standard conversion formulas [3.1]. In this process, two main points are important 
to consider. First, in order to determine the S-parameters of IDC and SI, a short section 
of microstrip TL needs to be added on their IP and OP ports. Considering that the most 
important properties of MTMs are related to phase [3.16], it is vital to take into account 
the phase effect of the attached short TL sections, and de-embed them from IDC and SI; 
in order words, subtract the phase shift imposed by the added short TLs by proper 
positioning of the reference plane and/or calibration [3.16]. Mathematically, this is 
achieved using (3.24) and (3.25):   
21 21
stripde embedded sim meas jS S e
     (3.25) 
 0 1 2
strip
effk l l
       (3.26) 
where l1 and l2 are the lengths of the added TLs and εeff is the effective permittivity of 
the TL [3.16].  
The correct S-parameters are then converted to corresponding Y/Z-parameters using the 
matrix notations [YП
ic
] and [ZT
si
], and related to the circuit elements as [3.16]:  
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   
  (3.28) 
with 
1si si
p si
p
Y j C
L


 
  
  
, and si sisZ j L .  
Comparison between the above equations and Figures 3.14 (a) and (b) reveals that the 
isolated reactances Cp
ic
 and Ls
si
 can be easily determined; whereas reactances Ls
ic
 – Cs
ic
 
and Cp
si
 – Lp
si
 are obtained using additional equations to result in:  
   
1 1
11 21
ic ic
ic
p
Y Y
C
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 

    (3.29a) 
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 
 
  
  
  (3. 29b) 
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 
  
  
  (3.29c) 
and, 
 
   
1 1
11 21
si si
si
s
Z Z
L
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 

    (3.30a) 
 21
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Z
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j Z
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 
 
  
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  (3.30b) 
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 
 
  
  
  (3.30c) 
It is noted from the above equations that S, Y and Z are all complex parameters, which 
means that this technique considers both amplitude and phase properties of the 
travelling wave. Furthermore, it is seen that these expressions are frequency dependent 
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(as well as being Y and Z dependent); therefore the extraction frequency is of great 
importance. To simplify (3.29) and (3.30), Ls
si
 is neglected, as it has an extremely small 
inductance, resulting in the following four CRLH parameters [3.16]:  
ic
R sL L   (3.31a) 
2 ic siR p pC C C    (3.31b) 
si
L pL L   (3.31c) 
ic
L sC C   (3.31d) 
C.   Passive Component Parameter Extraction Using IDC and SI/SSI Equations 
A third method, which in many ways is similar to the first method, can be used to 
extract the equivalent circuit lumped-element values of the CRLH TL unit-cell. This 
method uses approximate closed-form equations established in the literature to 
determine the capacitance of IDC and inductance of stub (or spiral inductor) used in the 
CRLH unit-cell design. The calculated values are then used to construct the equivalent 
circuit and subsequently design layout of the CRLH SIR. Since the capacitance and 
inductance equations take into account the physical dimensions of microstrip TL tracks 
and gaps to produce a calculated value, this process becomes iterative as the initial 
approximate L and C values are not known. This process is further limited by the fact 
that a given impedance could be obtained from a variety of combinations of L and C 
ratios; while changes in L and C values are dictated by the fundamental resonant 
frequency, 1 LC  .   
To provide a better picture, the equivalent circuit of the CRLH SIR in its balanced 
symmetric unit-cell configuration and its identical infinitesimal immitiance 
representation are depicted in Figure 3.15.  
 
 
 
 
   (a)      (b) 
Figure 3.15. The equivalent circuit model of the CRLH SIR with (a) symmetric unit cell, and (b) 
identical infinitesimal immitances representations [3.16].  
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It is evident that the characteristic impedance of the CRLH TL contains both RH and 
LH elements of inductance and capacitance, indicating that in design of a CRLH TL, 
both RH and LH components are equally important as they will have effects on the 
bandwidth. In fact, in many cases, one would want to make use of these parasitics. Only 
if the parasitic RH capacitance and inductance (i.e. CR and LR) are much smaller than 
the LH capacitance and inductance (CL and LL), then they can be neglected. Thus, (3.21) 
would reduce to (3.32) for a purely LH TL.  
 
LH
L
L
L
Z
C
    (3.32) 
In order to realise the correct characteristic impedances, it is essential to determine the 
relationship between the desired impedances (Z1, Z2), inductances (LR, LL) and 
capacitances (CR, CL). Perhaps more importantly, the effects of physical parameters 
(such as width and length of IDC digits or stub length, etc.) on these electrical 
parameters should be fully appreciated. It is, therefore, necessary to review the 
structures of IDC and stub (and spiral) inductor, as they are the main building blocks of 
the unit-cell CRLH TL.  
Figure 3.16 shows the structure of an IDC. It can be seen that the LH series capacitance 
CL, is a strong function of the number of fingers n, and the spacing between the fingers 
S, and increases with the length of fingers l [3.13]. More accurately, the approximate 
closed-form expression
10
 (3.33) could be used to calculate the capacitance of the IDC 
[3.13].  
 
 
    (a)             (b) 
Figure 3.16. (a) Interdigital capacitor (IDC) and (b) its lumped equivalent circuit [3.13].  
 
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     (3.33) 
The K/K
′
 ratio is expressed as [3.13]:  
                                                          
10
 According to [3.13] this model has limitations as it does not accurately represent the capacitor‟s 
characteristics, though more accurate equivalent circuit values have also been provided from measured 
“on-wafer” S-Parameters in [3.13]. 
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and n is the number of fingers, εre is the effective dielectric constant of microstrip line of 
width W, with the substrate height h. Also, Rs is the surface resistance, and Z0m is the 
characteristic impedance of microstrip conductor. Similarly, the series resistance R 
represents the conductor loss, and C1 accounts for the fringing capacitance associated 
with the top plate. All dimensions are in micron. It is, therefore, understood that for an 
increase in l, and a decrease in W and S, the capacitance is increased. From a different 
point of view, reduction in the width of IDC digits increases the mutual inductance 
between digits. This mutual inductance, together with the inductances resulting from the 
IDC digits add up, contributing towards the total RH inductance LR of the IDC under 
consideration. These relationships have been confirmed by other means (methods) in 
the literature, e.g. in [3.17].  
Similarly, left-handed inductance is produced by the shunt shorted stub or spiral 
inductor. Equations (3.35) – (3.38) help modelling compact inductors, as they present 
calculation method for inductances of single line segments as well as square spirals 
inductors (SSI) [3.14]. It can be observed that in a stub, LH shunt inductance is mainly 
controlled by the stub length, and determined by its self-inductance. Likewise, in spiral 
inductor, the LH inductance is influenced by both self and mutual inductances of the 
line segments. These equations are based on the configuration depicted in Figure 3.17.  
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                     (a)        (b)                  (c) 
Figure 3.17. (a) Square spiral inductor with n = 3.5 turns, inner diameter din, segment width w and 
spacing between segments s, (b) segments on the opposite sides of the square inductor contributing to the 
negative mutual inductance, and (c) segments on the same side of the square inductor contributing to the 
positive mutual inductance [3.14].  
For the symmetrical structure of Figure 3.17(a), there is a linear relation between the 
total length l and the inner diameter din:  
     4 1 4 1in i il n d N N w s         (3.35) 
where n is the number of turns, Ni is the integer part
11
 of n, w is the metal width, and s is 
the spacing between segments. Therefore, four parameters of: n, w, s, and either l or din 
can fully determine the lateral structure of the spiral inductor. Thickness of the metal t is 
also considered when a 3D structure is studied. So, a straight segment of the length lseg 
has the self-inductance Lself-seg [3.14]:  
0
2
ln 0.5
2
seg
self seg seg
l
L l
w t



 
  
 
    (3.36) 
where μ0 is the permeability of free space given as 4π × 10
-7
 Hm
-1
.  
The total inductance of an inductor (i.e. SSI) is comprised of the inductor self-
inductance (Lself) and the remaining part, which comes from the total negative (M
-
) and 
the total positive (M
+
) mutual inductances; this includes all negative and all positive 
interactions between all segments
12
 [3.14]. Thus, the total inductance L of a square 
spiral inductor is:  
                                                          
11
 Integer part of a real number is the part of the number that appears before the decimal point.  
12
 Anti-parallel segments contribute to the negative mutual inductance.  
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(3.37) 
where d
+
 is the average distance for the constituting factor of positive mutual 
inductance, calculated as:  
 
  
 
3 2 1 1
3 2 1
i i
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n N N
d w s
n N
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  
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 
    (3.38) 
On a separate note, the RH shunt capacitance CR is the parasitic capacitance that exists 
between the top conductor plate and the ground plane. It was known from (3.16) that the 
capacitance of a parallel-plate-capacitor is directly proportional to the overlap cross 
sectional area, A, of the two plates and inversely proportional to the distance, d, between 
them. Therefore, according to the equation, CR is mainly controlled by A and d.  
Once the constitutive lumped element values of the CRLH TL are known, depending on 
whether RH or LH, they will be put into expressions of (2.25), i.e. multiplied or divided 
by the length of unit-cell (cell size), to obtain the associated per-unit-length and times-
unit-length component values:  
, , . , .R RR R L L L L
L C
L C L L p C C p
p p
        
It could be summarised from the above observations that the parasitic RH series 
inductance and shunt capacitance (LR and CR) can be neglected if the widths of IDC 
digits, stub and square spiral turns are kept at minimum; more accurately, when a 
suitable ratio between the gaps and conductor widths is maintained. Of course, this 
should be balanced against the LH series capacitance and shunt inductance values (CL 
and LL), and fabrication limitations. It is, therefore, very important for the designer to 
choose correct values for these parameters as they control the resonator response.  
3.3.5.1    CRLH λg/4-type SIR  
The first CRLH λg/4-type SIR resonator is designed using the theory and methods 
provided above, and its layout is presented in Figure 3.18. As it can be seen, the SIR 
consists of series IDC and shunt shorted stub inductors.  
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Figure 3.18. Layout of the CRLH SIR: ws2 = 1.9 mm, a2 = 0.17 mm, s2 = 0.11 mm, lc2 = 3.3 mm, ls2 = 
15.2 mm, sl2 = 0.19 mm, feed2 = 0.1 mm; and ws1 = 1.9 mm, a1 = 0.17 mm, s1 = 0.11 mm, lc1 = 2.5 mm, 
ls1 = 15.2 mm, sl1 = 0.11 mm, feed1 = 0.1 mm, and via radiuses: 0.125mm. Substrate: RT Duroid 5880, εr 
= 2.2, h = 1.57mm, Tanδ = 0.0009.  
From dimensions of the CRLH SIR, it can be seen that this resonator is 16.4mm long 
and 15.48mm wide. If these dimensions are compared with those of a RH SIR with the 
same electrical characteristics, e.g. Z1,2, f0, (in Table 3.3), it becomes evident that the 
CRLH SIR is 34.66% smaller in length than its conventional counterpart. However, the 
overall width of the SIR is too large for an optimal design; hence the need for 
miniaturisation.    
Table 3.3. Comparison of dimensions of the initially designed RH and CRLH SIRs.  
Parameters RH SIR CRLH SIR % Size Difference 
Length (mm) 25.1 16.4 34.66 reduction 
Width (mm) 2.3 15.48 85.14 increase 
 
Similar to the RH SIR, the CRLH SIR has been designed and simulated using 
commercial electromagnetic full-wave electromagnetic simulator, Ansoft HFSS v.12, 
for frequency range of 1-4 GHz. The simulation result for magnitude of input 
impedance |Zin| of the CRLH SIR is compared to simulation responses of CRLH SIR 
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equivalent circuit and RH SIR, as depicted in Figure 3.19. These results confirm that 
both SIRs resonate at the same frequency of 2.25 GHz, with input impedance 
magnitudes of between four to five thousand ohms. It can be noted that the CRLH SIR 
has a higher Q value compared to the RH SIR (hence a deeper skirt in |Zin| response), 
which is probably due to the higher internal coupling of the CRLH resonator. Also, a 
small jump (glitch) in the |Zin| response is observed just before the fundamental resonant 
frequency, which could be the result of other resonances in the circuit.  
 
Figure 3.19. Comparison between HFSS simulation responses of RH, CRLH SIRs and equivalent circuit 
of the CRLH SIR. 
As stated above, the main advantage of the novel CRLH SIR is its 34.66% size 
reduction in length compared to its conventional counterpart. This size reduction can be 
explained with the study of phase behaviours of both RH and CRLH SIRs. Equations 
(3.39) and (3.40) show the relationships for phase of RH and CRLH TLs, respectively 
[3.16].  
.R R RL C l       (3.39) 
1
.CRLH R R
L L
L C l
L C
 

 
  
  
    (3.40) 
where ϕR and ϕCRLH are the RH and CRLH phases, ω is the angular frequency and l is 
the resonator length.   
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It can be deduced from the above equations that by controlling the electrical parameters 
of the CRLH TLs (especially non-linear phase) using both loading and parasitic 
elements, we can satisfy the same resonant behaviour as a RH SIR, at a shorter length. It 
is worth remembering that although the design has achieved a 34.66% length reduction, 
the stubs are still relatively large for a compact design. Replacing the stubs with 
meandered or spiral inductors would save a large space. Therefore, one could also 
possibly further decrease the overall resonator length, realising a more compact design.  
3.3.5.2    Miniaturised CRLH λg/4-type SIR 
As mentioned, although the CRLH SIR of the previous section was a successful design, 
it suffered size problems. Therefore, in this design, stubs are replaced with square spiral 
inductors. There are a number of advantages in using such inductors. For instance, due 
to the number of parameters involved in the design of spiral inductors, controlling their 
size and response is very much easier for the designer. In addition, the mutual 
inductance between square spiral branches accompanied with the self-inductance of the 
TL that connects the spirals to IDCs produce great flexibility for the designer to play 
with dimensions as required. Equations (3.36) and (3.37) not only certify these claims, 
but also give the exact dimensions of the square spirals that produce the same desired 
inductance value as the stubs. The IDCs could be kept rather fixed. Thus, substituting 
the LH stub inductance value LLstub back into (3.37) together with an iterative tuning of 
the associated widths and lengths and the number of turns of the spirals results in 
obtaining the exact desired value of LLstub.  
Similarly, the capacitance equation in (3.33) gives a good sense of the width-to-spacing 
ratios and IDC digit lengths that could provide the desired capacitance values; and 
therefore, offering a good indication of how the IDCs could be effectively tuned. This is 
done to the best of author‟s ability based on the available manufacturing (fabrication) 
tolerance. The layout of the proposed miniaturised CRLH SIR with the dimensions of 
its physical parameters is presented in Figure 3.20.  
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Figure 3.20. Microstrip layout of the proposed CRLH short-circuited λg/4-type SIR; from left to right: 50 
Ω input feed, Z2 = 94 Ω, Z1 = 77 Ω, and a shorting via. ws2 = 0.3 mm, a2 = 0.17 mm, s2 = 0.11 mm, lc2 = 
3.3 mm, ls2 = 2.43 mm, sl2 = 0.19 mm, feed2 = 0.1 mm; and ws1 = 0.7 mm, a1 = 0.17 mm, s1 = 0.11 mm, 
lc1 = 2.5 mm, ls1 = 2.99 mm, sl1 = 0.11 mm, feed1 = 0.1 mm, and via radiuses: 0.125mm. Substrate: RT 
Duroid 5880, εr = 2.2, h = 1.57mm, Tanδ = 0.0009.  
As it can be seen from Figure 3.20, the CRLH SIR consists of a higher impedance 
section (Z2) followed by a lower impedance section (Z1) which is shorted using via hole. 
The square spiral dimensions have been kept the same in both TL sections. However, 
lower impedance in the second section (Z1) has been achieved by increasing the 
capacitance ( 0 /Z L C ), bearing in mind the compactness of the resonator.  
It can be seen that with a precise design, the same values of characteristic impedances 
(Z2 and Z1) as those of the RH SIR can be obtained, while the length of the SIR has 
decreased by 43.8% compared to the RH SIR (and decreased an extra 14% compared to 
the initial CRLH SIR). There lies the benefit of using spiral inductor, as it has not only 
reduced the width of the resonator by 66% (compared to the initial RH SIR) but also has 
caused a further reduction in the resonator length. This is seen in Table 3.4.  
Table 3.4. Comparison between dimensions of the designed RH, CRLH and miniaturised CRLH SIRs.  
Parameters RH SIR 
Initial 
CRLH SIR 
Miniaturised 
CRLH SIR 
Length (mm) 25.1 16.4 14.1 
Width (mm) 2.3 15.48 5.26 
Magnitude of input 
impedance (Ω) 
≈ 4000 ≈ 5000 ≈ 8000 
Resonant frequency 
(GHz) 
2.25 2.25 2.1 
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The miniaturised CRLH SIR is designed and simulated in Ansoft HFSS v.12, the 
simulation result of which (for |Zin|) is compared against that of its RH counterpart in 
Figure 3.21.   
 
Figure 3.21. HFSS simulation responses of RH and miniaturised CRLH λg/4-type SIRs.  
Comparison of transmission responses of RH SIR with those of CRLH SIR reveals that 
both resonators satisfy the same resonance condition and therefore produce similar 
values for input impedance. This is verified by substituting the characteristic 
impedances of RH SIR TL sections in (3.1) with the CRLH characteristic impedances 
   2 21 1 1 1 1 1 11 1L R L L L RZ L L C C L L    and    2 22 2 2 2 2 2 21 1L R L L L RZ L L C C L L   
. It is also noticed that although both SIRs resonate at the same frequency (2.1 GHz), the 
miniaturised CRLH SIR surpasses its RH counterpart in terms of both performance and 
size. The CRLH SIR owes this to its configuration and availability of more parameters 
involved.  
The CRLH SIR has been fabricated on a Rogers RT/Duroid 5880 dielectric substrate 
with εr = 2.2, Tanδ = 0.0009 and h = 1.57mm, a photograph of which is depicted in 
Figure 3.22.  
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Figure 3.22. Photograph of the fabricated miniaturised λg/4-type CRLH SIR.  
The fabricated SIR is measured using the 50 GHz VNA
13
, the frequency response of 
which can be compared to the electromagnetic simulation responses generated by HFSS 
and those obtained from the ADS equivalent circuit model and the analytical calculation 
previously presented. Figure 3.23, however, depicts the measurement response of the 
SIR in terms of two parameters: magnitudes of input reflection coefficient (or return 
loss) |S11|, and input impedance, |Zin|.  
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Figure 3.23. Measurement results of (a) |S11| and (b) |Zin| obtained for the λg/4 CRLH SIR at 2.1 GHz.  
Figure 3.23 shows that the |S11| and |Zin| responses obtained from measurements are in 
good agreement with those obtained from numerical simulations and analytical 
calculations previously presented for the λg/4-type CRLH SIR. It can be observed from 
the measurement results that at the resonant frequency of 2.1 GHz, |Zin| reaches to 1,810 
Ohms, while the resonator has a high Q value. It can also be seen from Figure 3.23(a) 
that |S11| is almost zero at all frequencies (as expected), except around two notches, 
where |S11| values are -1.34dB and -21.21dB at frequencies of 1.6801 GHz and 2.9003 
GHz, respectively. More importantly, the value of |S11| at the resonance frequency of 2.1 
GHz, is measured to be 0.106 dB (almost zero), which is in exact agreement with the 
expectations. Since the magnitude of the first drop in |S11| measurement is relatively 
small, it can be neglected. However, the second point at 2.9 GHz has a relatively large 
dip which is investigated and explained as follows.  
Based on the “conservation of energy”, the input energy (signal) could not simply 
disappear, and therefore must have changed from one form to another [3.34]. This 
suggests that the energy has been either absorbed or radiated at the drop point, i.e. at f = 
2.9 GHz. Absorption could be in the form of resistive losses of the metal (skin effect, 
etc.) or dielectric loses (loss tangent, etc.). Thus, the large dip in the |S11| response at this 
frequency could be an indicator of some sort of radiation or absorption, or even a 
mixture of both that exists in the circuit. In order to determine the exact cause of this 
power dissipation, an absorber was physically connected to the CRLH SIR circuit 
board. It was observed that the return loss became very small (about -1.3 dB), 
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approximately the same value as the first dip at 1.68 GHz. Therefore, it became evident 
that the dip was due to radiation in the circuit, making the CRLH SIR behave like an 
antenna at 2.9 GHz. It is interesting to point out that similar radiative characteristics 
have been reported by [3.16] which have been exploited in leaky-wave (LW) antenna 
applications.  
3.4   Examining the Left-Handedness 
As it was discussed in Chapter 2, in general, two main methods have been employed to 
determine the left-handedness of a structure: first is the „study of phase‟ which includes 
the use of unwrapped phase response together with dispersion diagrams, and second is 
the „study of energy (current) flow‟ within the structure. Although the former is 
undertaken in the present work and has been explained in the previous chapter, it is 
reviewed here and a brief explanation of the latter is also presented for the sake of 
completeness.  
3.4.1 Study of the Phase - Phase Unwrap 
It was mentioned that, for an N-cell network TL with scattering parameters Sij,N, the 
propagation constant β and attenuation constant α can be computed from the 
transmission parameters [3.16]:  
21,( )
21, 21,
Nj S d j l
N NS S e e e
          
where l is the total physical length of the TL in a particular implementation. So [3.16],  
 21, /unwrapped NS l          
21,ln /NS l         
with ξ as the phase offset14. It has been known that the phase unwrap connects the 
discontinuous –π to +π segments of S21,N, ϕ(S21,N) to form a continuous curve in 
frequency, namely ϕunwrapped(ω) [3.16]. Unwrapping the phase reveals two important 
properties that can be used to prove left-handedness of a structure. First, observations of 
unwrapped phase curves of different transmission lines confirm that purely RH (PRH) 
TLs have negative phase values, whereas purely LH (PLH) TLs have positive phase 
values associated with them. In other words, the former goes through a phase lag while 
                                                          
14
 Phase offset from the unwrapped curve to the real physical dispersion.  
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the latter experiences phase advance. Of course, in CRLH TLs, a mixture of these two is 
expected. Second, the unwrapped phase can be used to generate dispersion 
characteristic β(ω) curves based on (3.35a). It can be noted that, unlike the phase 
responses, propagation constant is positive in PRH TLs, while it carries a negative sign 
in PLH TLs. Similar to the phase unwrapped case, dispersion relation takes both 
negative and positive values in a CRLH TL.  
3.4.2 Study of Energy Flow – Field/Current Analysis 
The other (and perhaps more accurate) method of determining left-handedness is the 
energy (power) flow analysis in the structure. This is normally done using full-wave 
electromagnetic simulations, where E and H fields are generated and examined for 
areas where phase and group velocities are anti-parallel, similar to Figure 3.24
15
.  
 
Figure 3.24. Study of the energy/power flow of a rectangular waveguide filled with LHM [3.20].  
3.5 Extensions to the CRLH SIR 
It was confirmed that the CRLH SIR, thanks to its dispersive phase properties, can be 
designed to not only be smaller in size but also perform better compared to its 
conventional RH counterpart. Therefore, the technique can be used to extend the λg/4-
type design to multi-section SIRs such as λg/2-type CRLH SIR and also tri-section 
                                                          
15
 Field/current analysis is usually done more efficiently using animated graphs in full-wave simulators, 
and therefore, cannot be illustrated properly here.  
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CRLH SIR, to examine its potential in other applications, as presented in the following 
sections.  
3.5.1 λg/2-type CRLH SIR: Size Reduction and Performance 
Enhancement 
As mentioned earlier in this chapter, λg/4-type SIR is most suitable for miniaturisation, 
but λg/2-type SIR is highly suitable for realising far more devices, thanks to allowing for 
wider range of applicable frequencies and geometrical structure variables [3.2]. The 
basic structure of a λg/2-type SIR is shown in Figure 3.25. This resonator can be 
analysed in the same manner as the λg/4-type SIR.  
 
 
 
 
 
 
 
 
 
Figure 3.25. Basic structure of a λg/2 type SIR (a) RZ < 1, and (b) RZ > 1 [1.9].  
So, the input admittance Yin seen from an open-end
16
 is given as [3.2],  
  
    
1 2 1 2
2 2 2 2
1 2 1 2
2 tan tan tan tan
.
1 tan 1 tan 2 1 tan tan
Z Z
in
Z Z
R R
Y jY
R R
   
   
 

   
  (3.41) 
Similarly, resonance condition is obtained by taking Yin = 0, thus giving RZ = Z2/Z1 = 
tanθ1tan θ2
17
. In the case of θ1 = θ2 = θ, (3.41) is simplified as: 
  
 
2
2 2
2 1 tan tan
2 1 tan
Z Z
in
Z Z Z
R R
Y jY
R R R
 

 

  
     (3.42) 
Also, the relationship between spurious resonance frequencies at higher resonance 
modes of the λg/2-type SIR (expressed as fSB1, fSB2, and fSB3) and the associated electrical 
lengths θS1, θS2, θS3 can be found as [3.2]:  
                                                          
16
 The end with dashed lines.  
17
 This equation is common in all SIR structure elements [3.2].  
θT 
θ2 2θ1 θ2 
Z2 Z2 Z1 
θT 
θ2 2θ1 θ2 
Z2 Z2 Z1 
(a) RZ = Z2/Z1 < 1, θT < π 
(b) RZ = Z2/Z1 > 1, θT > π 
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1 1
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f
f R
 
 
      (3.43a) 
2 2 1
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2 1SB S SB
f f
f f
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    (3.43b) 
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f f
f f
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 
   
 
     (3.43c) 
where 1 2S  ,  12 0tanS ZR       and 3S  . 
The open-circuited λg/2-type SIR is expected from [3.1] to behave as a parallel resonant 
circuit in terms of magnitude of its input impedance |Zin|. Since detailed explanations on 
the CRLH SIR has been provided in the previous section(s), this section is only 
allocated to presentation and analysis of the λg/2-type CRLH SIR.  
The SIR shown in Figure 3.25(a) is designed to operate at 2.1 GHz for WLAN 
applications, and its electrical parameters are chosen (and calculated) as follows: Z1 = 
94 Ω, θ1 = 32°, and Z2 = 77 Ω, θ2 = 63°. In addition, the λg/2-type CRLH SIR is 
designed using a symmetrical combination of balanced CRLH TLs of different 
impedances. These TLs are designed using only one unit cell formed of microstrip 
loaded by series IDCs and shunt grounded SSIs as shown in Figure 3.26(b). Based on 
(3.21) and (3.22), different loading elements are selected to satisfy the desired 
characteristic impedances and electrical lengths [3.16].  
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Figure 3.26. Microstrip layout of the λg/4-type (a) RH SIR: w1 = 2.32 mm, w2 = 1.55 mm, l1 = 20.89 mm, 
l2 = 18.60 mm (b) and CRLH SIR: ws2 = 0.3 mm, a = a1 = 0.17 mm, s = s1 = 0.11 mm, lc2 = 6.6 mm, l2 = 
2.43 mm, sl2 = 0.19 mm, feed1  = feed2 = 0.1 mm; and ws1 = 0.7 mm, lc1 = 2.5 mm, l1 = 2.99 mm, sl1 = 0.11 
mm, via radiuses: 0.125mm. Substrate: RT Duroid 5880, εr = 2.2, h = 1.57mm, Tanδ = 0.0009.  
Similar to the previous section, the CRLH λg/2-type SIR is compared to its conventional 
RH counterpart for the same electrical parameters. The comparison is made in terms of 
both structure size and performance, using electromagnetic full-wave simulation results 
of these structures. Again, the substrate employed is Rogers RT/Duroid 5880 with εr = 
2.2 and h = 1.57mm and Tanδ = 0.0009.  
Comparing the total lengths of the two microstrip resonators (RH and CRLH SIRs), it 
can be seen that the RH SIR has a total length (Ltotal) of 47.65mm whereas the CRLH 
SIR has a total length of 26.32mm. The CRLH SIR, therefore, benefits from a 44.76% 
size reduction in length which is very valuable at such frequency. The reason for this 
size reduction has been explained in the previous section(s).  
Figure 3.27 presents the |Zin| simulation responses of the CRLH λg/2-type SIR compared 
with those of its conventional counterpart.  
 
Figure 3.27. Simulation results of both RH and CRLH λg/2-type SIRs.  
It can be seen from the figure that the CRLH λg/2-type SIR resonates at 2.1 GHz as 
expected, and the response produced by the novel SIR is better than the RH SIR in 
terms of both magnitude of input impedance achieved at resonance, and also the 
resonator quality factor. It has become evident, once again, that left-handed technology 
not only helps reducing the size of passive components, but also improves the 
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performance of an accurately designed circuit. Though, the main emphasis of the author 
at this stage is on proving the concept and size reduction.  
3.5.2 Tri-Section CRLH SIR: Size Reduction and Spurious Frequency 
Suppression  
The first CRLH SIR was reported by the author in [3.21]. Although the structure was 
very small in length, it contained relatively large stubs, and its response did not surpass 
its conventional counterpart (except in Q). Therefore, a miniaturised two-section CRLH 
SIR was presented [3.22], which was even smaller and yet had a better response 
compared to both the conventional RH and the initial CRLH SIR designs. Here, the 
two-section CRLH SIR is extended to a tri-section CRLH SIR (TSIR), in an attempt to 
relocate and minimise (if desired) the multiple spurious resonance frequencies while 
maintaining the fundamental frequency the same. In doing so, configuration and 
resonance properties of the tri-section CRLH SIR are presented. This is followed by 
individual designs of both conventional and CRLH SIRs. The simulation and 
measurement results of both SIRs are then presented and discussed based on 
comparisons made between the two designs.  
The tri-section SIR configuration is shown in Figure 3.28. As it can be seen from the 
figure, this SIR can be designed by cascading three sections of transmission lines of 
different impedances (Zi) and electrical lengths (θi), terminated by either short- or open-
circuited load.  
 
 
 
 
 
Figure 3.28. Basic structure of the three elements SIR.  
At resonance, the length of the tri-section SIR is λg/4 [3.23], and the lowest impedance 
exhibits a short termination. The admittance, Y, looking into the left port of the SIR is 
given by (3.44), where Z1, Z2, Z3 are the characteristic impedances of the three cascaded 
sections and θ1, θ2, θ3 are the corresponding electrical lengths [3.23].  
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       

   (3.44) 
where  
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1 2 3 2 3 1 3 3 1 1 2 1 1 2 3tan tan tan tan tan tanjZ Z Z jZ Z jZ Z jZ Z                       
At resonance, Y = 0, which indicates that the final condition for resonance is:  
32 2
2 3 1 2 1 3
3 1 1
tan tan tan tan tan tan 1
ZZ Z
Z Z Z
          (3.45) 
When θ3 = 0, we have a conventional two-impedance-elements SIR. If for simplicity, 
electrical lengths are considered to be equal, then the condition for the fundamental 
resonance of the tri-section SIR is given as:  
1 1 2
1 2
tan
1
K K
K K
 
 
    (3.46) 
where K1 = Z3/Z2 and K2 = Z2/Z1 [3.24]. The resonator‟s total electrical length at the 
fundamental resonance is given by: 
1 1 2
1 2
3 3tan
1
T
K K
K K
   
 
    (3.47) 
Similar to the previous sections, in order to visualise the benefits of the novel design, a 
comparison is made between a conventional RH tri-section SIR and the CRLH tri-
section SIR, based on the same electrical parameters. Both SIRs are designed to operate 
at 2.5 GHz for WLAN applications, the electrical parameters of which are selected to 
be: Z1 = 77 Ω, θ1 = 63°, Z2 = 94 Ω, θ2 = 32°, and Z3 = 110 Ω, θ3 = 27°.  
The CRLH TSIR is designed using a symmetrical combination of three balanced CRLH 
unit-cell TLs formed of microstrip loaded by series IDCs and shunt grounded SSIs, as 
shown in Figure 3.29. Based on (3.21), (3.22) and (3.45), different loading elements 
have been selected to satisfy the desired characteristic impedances and electrical 
lengths. Both resonators are fabricated on Rogers RT/Duroid 5880 substrate with εr = 
2.2 and h = 1.57 mm and Tanδ = 0.0009.  
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(a) 
 
 
 
 
 
 
 
 
(b) 
Figure 3.29. Microstrip layout of the tri-section SIR (a) RH TSIR: w1 = 2.32 mm, w2 = 1.54 mm, w3 = 
1.13 mm, l1 = 7.20 mm, l2 = 8.20 mm,  l3 = 8.14 mm (b) CRLH TSIR: lC3 = 2.45 mm, feed3 = 0.1, ws2 = 
0.3 mm, a2 = 0.17 mm, s2 = 0.11 mm, lC2 = 3.3 mm, lS2 = 2.43 mm, sl2 = 0.19 mm, feed2 = 0.1 mm; and 
wS1 = 0.7 mm, a1 = 0.17 mm, s1 = 0.11 mm, lC1 = 2.5 mm, lS1 = 2.99 mm, sl1 = 0.11 mm, feed1 = 0.1 mm, 
and via radiuses: 0.125mm. Substrate: RT Duroid 5880, εr = 2.2, h = 1.57mm, Tanδ = 0.0009.  
As it can be seen from Figure 3.29, the RH SIR has a total length of 23.54mm whereas 
the CRLH SIR has a total length of 16.5mm. The CRLH SIR, therefore, benefits a 30% 
size reduction in length which is very valuable at such frequency. It is also worth 
mentioning that, this CRLH tri-section SIR design is even 27.56% smaller than a two-
section RH SIR resonating at the same frequency, i.e. 2.5 GHz. This size reduction has 
been explained with the study of phase behaviours of both RH and CRLH SIRs in 
previous sections. Once again, it could be claimed that evidently, by controlling the 
electrical parameters of the CRLH SIRs, using both loading and parasitic elements, we 
can satisfy the same resonant behaviour at a shorter length, while occupying a 
significantly smaller size. Moreover, the CRLH tri-section SIR has another important 
advantage which is described below.  
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The HFSS simulation results for magnitude of the input impedance of both TSIRs, seen 
in Figure 3.30, confirm that both SIRs resonate at the frequency of 2.5 GHz; with input 
impedance magnitudes of between four to seven thousand ohms.  
 
Figure 3.30. HFSS simulation responses of both RH and CRLH tri-section SIRs.  
It can also be seen from Figure 3.30 that the RH tri-section SIR has its second resonant 
(or first spurious) frequency at 6.9 GHz, while the CRLH tri-section SIR has indeed 
relocated the second resonance frequency. In other words, it has minimised the 
magnitude of the input impedance at 6.9 GHz, producing a flat response around this 
frequency. This is significant as it provides the potential (capability) of relocating the 
passbands (hence stopbands) in bandpass filter design, making the filter very efficient. 
The magnitude of the input impedance at 2.5 GHz can be improved significantly by 
careful design of IDCs and SSIs (and consequently the impedance ratios), as shown by 
the author in [3.22].  
3.5.3 Ferrite CRLH SIR: Frequency Tunability  
Tunability can be referred to as a functionality of a device (in this case, a resonator) that 
is often demonstrated by becoming electrically or magnetically adjustable when placed 
under predefined circumstances
18
. Tunable resonators have been finding many 
applications in filters, resonant antennas, etc. [3.35-3.37]. Generally, two main methods 
have been utilised to achieve frequency tuning: electric tunability often using varactor 
                                                          
18
 e.g. applying bias voltage in varactor diodes to provide electrically adjustable reactive circuit elements 
[3.1]. 
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diodes, and magnetic tunability usually employing ferrite materials. The latter is being 
implemented in this work.  
It has been reported that ferrite medium have dispersive properties [3.25] that have 
enabled demonstration of novel tunable and nonreciprocal CRLH TLs [3.26], [3.27]. 
Consequently, these novel TLs have found applications in new ferrite CRLH 
microwave components, examples of which are couplers, zeroth order resonators, and 
transformers [3.28-3.30].  
In this section, a ferrite-based tunable CRLH SIR is presented. Building on the CRLH 
SIR theory and analysis presented in previous sections of this chapter, short-circuited 
λg/4-type SIR is employed to realise the ferrite CRLH SIR. The proposed resonator is 
studied analytically and its performance has been verified using numerical simulations.  
When a ferrite medium is used as a substrate, it has a dispersive permeability (μf) that 
changes with the applied DC magnetic bias and the ferrite material properties [3.25-
3.27]. Therefore, the phase shift and characteristic impedance of a ferrite microstrip 
CRLH TL will change according to the applied DC magnetic bias. Thus, a tunable 
ferrite CRLH SIR can be achieved by varying the applied DC magnetic bias.  
The ferrite CRLH SIR structure, as shown in Figure 3.31, is formed of two cascaded 
CRLH TLs. Each TL contains only one unit-cells and is designed using series IDC and 
shunt stub inductor, being printed on ferrite substrate. Different configurations of the 
two cascaded CRLH TLs were chosen to satisfy the desired electrical parameters, 
including characteristic impedance and electrical lengths of each TL.   
 
Figure 3.31. Microstrip layout of the ferrite λ/4-type CRLH SIR: ws2 = 1.9 mm, a2 = 0.17 mm, s2 = 0.05 mm, lc2 = 
3.85 mm, ls2 = 15.2 mm, sl2 = 0.19 mm, feed2 = 0.1 mm; and ws1 = 1.9 mm, a1 = 0.17 mm, s1 = 0.05 mm, lc1 = 3 mm, 
ls1 = 15.2 mm, sl1 = 0.11 mm, feed1 = 0.1 mm.  
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The employed ferrite substrate is the commercial Trans Tech G-113* with thickness of 
1 mm. This ferrite material has dielectric constant f = 15, dielectric loss tangent Tanδ < 
0.0002, saturation magnetisation 4πMS = 1780 Gauss, and magnetic linewidth H0  25 
Oe. An internal DC magnetic field (H0) is applied to the ferrite substrate, resulting in 
saturation magnetisation in the direction shown in Figure 3.31.  
To verify the analytical study, the proposed ferrite CRLH SIR has been analysed using 
HFSS full-wave simulation. For simplicity, the applied DC magnetic field is assumed to 
be uniform in all studied cases. The tuning capability of the ferrite CRLH SIR can be 
illustrated by simulating the structure of Figure 3.31 for different DC magnetic bias 
cases from H0 = 2000 Oe, to 2500 Oe. However, in practical measurements, these DC 
magnetic bias values have to be increased to compensate the demagnetisation field 
[3.31]. The resulting magnitudes of input impedances in these cases are shown in Figure 
3.32. It is evident that the operating frequency of the resonator can be tuned from 5.1 
GHz to 5.4 GHz, and 5.65 GHz for H0 = 2000, 2250, and 2500 Oe, respectively.  
 
Figure 3.32. HFSS simulation responses of the ferrite LH λg/4-type SIR for different H0 values.  
Therefore, a novel tunable microstrip ferrite λg/4-type CRLH SIR has been introduced. 
The presented resonator has been designed over ferrite substrate in CRLH 
configuration. The tunability theoretical concepts of its operation were discussed and its 
performance has been validated using the numerical electromagnetic full-wave 
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simulations. The numerical results confirm that the resonant frequency can be tuned 
from 4.6 GHz to 5.65 GHz by changing the applied DC magnetic bias.  
3.6 Conclusion 
In this chapter, transmission line resonators, specifically stepped impedance resonators 
(SIR), were studied in terms of their electrical parameters and examined using analytical 
calculations, RLC equivalent circuits, electromagnetic full-wave simulations and 
measurements. In particular, λg/4-type CRLH SIR was designed and compared to its 
conventional (right-handed) counterpart in terms of size and performance. The λg/4-type 
CRLH SIR was then extended to λg/2-type SIR, tri-section CRLH SIR and ferrite CRLH 
SIR.  
This chapter has, therefore, not only provided a good insight into the theory, design and 
characterisation of CRLH SIRs for the first time, but also can be considered as  the 
ground (or cornerstone) to more novel, complex and compact applications of SIRs in 
RF front-end sub-systems. From the many details of study, design and development of 
the CRLH SIR that were mentioned in the text, the following important point are worth 
highlighting as the conclusions drawn from this chapter:  
 Planar transmission line resonators (TLR), generally presented in uniform 
impedance topology, have been implemented in RF and microwave applications 
due to their simple structure, low costs, the capability of wide application to 
various devices, and also the ability of integration with active circuits. 
 However, these resonators suffer size problem and reportedly, do not have high 
Q values (and hence are lossier). Also, their simple structure, ironically, 
provides limited design parameters. In addition, being a UIR, their spurious 
responses occur at integer multiples of the fundamental resonance frequency, i.e. 
(n+1)f0 with n = 0,1,2,... 
 Stepped impedance resonators (SIRs) are utilised instead to overcome these 
problems, since with their more available parameters, they offer capability of 
reducing resonator (hence filter) size without degradation of the unloaded-Q, as 
well as being able to control spurious frequencies by design; objectives that are 
mainly achieved by proper selection of the impedance ratio RZ and electrical 
length θ.  
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 A short-circuited SIR operates as a parallel RLC resonator at resonance 
frequency f0, resulting in a maximum value of |Zin| at f0.  
 It has been observed that smaller RZ would result in minimising resonator length 
while simultaneously extending spurious-free region by shifting the first 
spurious resonance frequency to around (2n+1)f0 and higher.  
 An accurate study of the λg/4-type SIR resonance condition reveals that: θ1 + θ2 
= 90° when RZ = 1, θ1 + θ2 < 90° if RZ < 1 and θ1 + θ2 > 90° for RZ > 1. In 
addition, the impedance ratio RZ tends to stay less than 10 with changes in θ’s up 
to around 80 degrees, where it gradually shows an exponential response peaking 
around RZ = 3282, θ1 = θ2 = 89 degrees.  
 The quasi-TEM microstrip TLR under consideration, exhibits attenuations (loss) 
mainly due to dielectric loss and conductor loss (ignoring the short-circuited 
ends and TL step junction losses). Calculation of both losses produced an overall 
attenuation of 0.108 Np/m, which should not severely affect the performance of 
the resonator, and therefore can be neglected.  
 Using ADS and HFSS, both CRLH and RH λg/4-type SIRs were designed, 
simulated, fabricated and measured, the results of which were in good 
agreements. These results were also verified by equivalent circuit models and 
analytical calculations.  
 The CRLH SIR was designed using a symmetrical combination of two sections 
of balanced CRLH TLs with different impedances. Each section was designed to 
have only one unit cell formed of microstrip line loaded by series interdigital 
capacitors (IDC) and shunt shorted spiral inductor. IDCs and spiral inductors are 
chosen as they offer higher degree of design flexibility, because of more 
available design parameters. Here, balanced symmetric CRLH TLs are 
employed to ensure a seamless transition from LH to RH operating region.  
 The lumped-element values of RH and CRLH SIRs were extracted through an 
iterative process and by using two main methods: S-parameters extraction, 
and/or calculation using available approximate equations for L‟s and C‟s. Of 
course, this process can be used in a reverse order to construct the SIR layout.  
 The initial CRLH λg/4-type SIR was 34.66% smaller in length than its RH 
counterpart, but contained very large stubs. This size reduction was achieved by 
controlling the electrical parameters of the CRLH TLs (especially non-linear 
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phase) using both loading and parasitic elements. Moreover, although the results 
of both RH and CRLH SIRs were in good agreements and the CRLH SIR had a 
better Q, its |Zin| response was not so satisfactory.  
 Employment of square spiral inductors in the miniaturised CRLH SIR saved 
much space and provided higher design flexibility, especially with the selection 
of desired characteristic impedances and the resonant frequency. Comparing the 
miniaturised CRLH SIR with the initial CRLH SIR and their RH counterpart (all 
resonating at the same frequency) shows that the length of miniaturised CRLH 
SIR is 66.02% smaller than the RH SIR and 14.02% smaller than the initial 
CRLH SIR. It was also observed from the transmission responses that although 
both SIRs resonate at the same frequency, the miniaturised CRLH SIR performs 
better in terms of |Zin| and Q factor, despite its smaller size. There lies the benefit 
of using CRLH TLs.  
 Left-handedness has been proved through „phase unwrapping‟ and the study of 
„energy (current) flow‟ within the SIR structure. In particular, an unwrapped 
phase with positive value and a negative dispersion relation are used to 
determine a purely left-handed structure. A CRLH structure which includes both 
RH and LH components will logically encompass both negative and positive 
regions. Similarly, in the field/current analysis, the current direction helps 
identify the areas where phase and group velocities are anti-parallel; hence left-
handed. 
 The CRLH SIR was extended to form a λg/2-type SIR with RZ = Z2/Z1 < 1 and 
θT < π.  Similar to the first design, the CRLH λg/2-type SIR benefited from a 
44.76% size reduction in length compared to its RH counterpart, and a better 
response in terms of |Zin|.  
 The two-section CRLH SIR was further extended to form a tri-section SIR 
(TSSIR) in an attempt to relocate and minimise (if desired) the multiple spurious 
resonance frequencies, while maintaining the same fundamental frequency f0. 
The TSSIR was not only 30% smaller in length compared to its RH counterpart, 
it was even 27.56% smaller than a two-section RH SIR resonating at the same 
frequency of 2.5 GHz. Perhaps more importantly, though, no spurious frequency 
was observed before 8 GHz in the |Zin| response of the TSSIR. This is significant 
in filter design as it can relocate the passbands (hence stopbands), making the 
filter very efficient.  
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 Finally, using ferrite-based materials, a tunable CRLH SIR was designed on 
microstrip line whose phase shift and characteristic impedance changed 
according to the applied DC magnetic bias. The tuning capability of the ferrite 
LH SIR was illustrated when the operating frequency of the resonator was tuned 
from 5.1 GHz to 5.4 GHz, and 5.65 GHz for H0 = 2000, 2250, and 2500 Oe, 
respectively.  
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Chapter 4 
Filter Theory and Design  
4.1 Introduction 
Most of today‟s applications in communication, radar, navigation, radio astronomy, 
sensing, medical instrumentation, etc. fall into the RF and microwave frequency 
boundary of the frequency spectrum (300 MHz to 300 GHz, λ: 1m - 1mm), depicted in 
Figure 4.1. Sharing this frequency boundary between numerous applications requires an 
efficient frequency selection mechanism, which is most often achieved by filters. In 
other words, filters are used to separate or combine (hence select or confine) different 
frequencies of the electromagnetic spectrum [4.1]. In particular, emergence of wireless 
communications and recent advancements in novel materials and fabrication 
technologies (such as MMIC, MEMS, HTS, LTCC, etc.) accompanied with advances in 
CAD tools (e.g. full-wave EM simulators) have continuously pushed for RF and 
microwave filters with higher performance, smaller size, lighter weight and lower cost 
[4.1]. Considering that applications eventually control the design process and 
manufacturing quality, producing a filter that possess (fully or partly) all of the above-
mentioned advantages would undoubtedly benefit everyone.  
Indeed, the main objective of this research is to propose and examine the possibility of a 
new approach in RF/Microwave filter design; an approach based on composite 
right/left-handed metamaterials that can not only reduce the size of the filter structure 
(resulting in lighter weight and lower cost), but also provide an improved response 
when carefully implemented. In doing so, the basic concepts and theories of filters are 
presented to lay a foundation for design of both RH and CRLH RF/microwave filters. 
Particular attention will be paid to coupled lines and coupled resonators that constitute 
the main body of the proposed bandpass filter.  
 
 
CHAPTER 4. FILTER THEORY AND DESIGN  122 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
Figure 4.1. Frequency spectrum with spectral limits being colour coded. VOS: visible optical spectrum, 
UVS: ultraviolet spectrum [4.1].  
4.2 Filter Theory 
In general, filters have been designed using two main approaches of image parameter 
method (IPM) and insertion loss method (ILM). IPM is relatively simple as it obtains 
the desired cut-off frequencies and attenuation characteristics by studying a cascade of 
simple two-port filter networks. However, this limits its ability to provide specification-
based frequency response and therefore calls for an iterative process. Unlike IPM, the 
newer method, ILM, is completely frequency-response-specific, as it uses network 
synthesis techniques in the filter design. In this method, design-specific lowpass filter 
prototypes are constructed, frequency and impedance scaled, and converted to other 
filter forms. It should be noted, however, that neither of these methods can be directly 
applied to microwave filters, as they provide lumped-element circuits. This is due to the 
fact that lumped element capacitors and inductors are only available for limited range of 
values, and therefore need to be approximated by distributed components. Moreover, at 
microwave frequencies, the distance between components is not negligible. Thus, 
redundant synthesis
1
 using Richard‟s transformation and Kuroda identities are usually 
                                                          
1
 The term redundant is used, as the additional TL sections do not affect the filter response [4.2] 
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employed to modify such designs to use distributed elements (e.g. TLs) that makes them 
usable at microwave frequencies.  
As mentioned, in this section, the basic concepts of filter design are briefly presented 
and discussed, and the reader is referred to references such as [4.1-4.6] for 
comprehensive study of background theories and calculations.  
4.2.1 Network Analysis 
Most components at RF/microwave frequencies can be represented by a two-port 
network as shown in Figure 4.2. This network can be characterised using various 
parameters and variables, including network variables, scattering parameters (S-
parameters), short-circuit admittance parameters (Y-parameters), open-circuit 
impedance parameters (Z-parameters), and ABCD parameters, all of which can be 
converted to one another using available equations. Network variables are described 
here, but the rest are shown in Table 4.1.  
 
 
 
 
 
Figure 4.2. Two-port network with terminal impedances, voltages and network variables [4.1].  
In Figure 4.2, V1, V2, and I1, I2 are voltage and current variables
2
 at ports 1 and 2, 
respectively. Z1 and Z2 are source and load terminal impedances, and Es is the source 
generator voltage. Since voltage and current are difficult to measure at microwave 
frequencies, wave variables a1, b1, a2 and b2 are used to characterise the two-port 
network; a represents the incident wave and b indicates the reflected wave. Equation 
(4.1) shows the relationship between wave variables and voltage, current and 
impedances [4.1]:  
 n n n nV Z a b        (4.1a) 
 
1
n n n
n
I a b
Z
        (4.1b) 
                                                          
2
 Voltage and current variables are complex amplitudes when sinusoidal quantities (v1(t) = |V1|cos(ωt+ϕ) 
= Re(|V1|e
j(ωt+ϕ)
)) are considered.  
Two-port 
network 
a1 
b1 
a2 
b2 
Z2 
Z1 
Es 
V2 V1 
I2 I1 
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1
2
n
n n n
n
V
a Z I
Z
 
  
 
 
     (4.1c) 
1
2
n
n n n
n
V
b Z I
Z
 
  
 
 
     (4.1d) 
where n =1 and 2. 
Other network parameters also exist that can be derived directly or indirectly from these 
wave variables, some of which are presented in Table 4.1.  
 Table 4.1. Summary of the relations between two-port network parameters and wave variables.  
Parameter Definition Other dependent relations 
Scattering 
parameters: 
S-parameters 
2
1
11
1 0a
b
S
a

 ,
1
1
12
2 0a
b
S
a

  
2
2
21
1 0a
b
S
a

 ,
1
2
22
2 0a
b
S
a

  
1 11 12 1
2 21 22 2
.
b S S a
b S S a
     
     
     
 
1 1
11
1 1
in
in
Z Z
S
Z Z



 
2 2
22
2 2
in
in
Z Z
S
Z Z



 
 mn
j
mn mnS S e
 : m, n = 1, 2; n & m are port 
numbers 
 Amplitude: 20log mnS dB : m, n = 1, 2 
 Insertion loss at ports m and n: 
20logA mnL S dB  : m, n =1,2 (m ≠ n) 
 Return loss at port n: 20logR nnL S dB : 
n = 1, 2 
 Voltage standing wave ratio (VSWR): 
1
1
nn
nn
S
VSWR
S



 
 Phase delay: 21p



  seconds 
 Group delay: 21d
d
d



   seconds 
Short-circuit 
admittance 
parameters:  
Y-parameters 
2
1
11
1 0V
I
Y
V

 , 
1
1
12
2 0V
I
Y
V

  
2
2
21
1 0V
I
Y
V

 ,
1
2
22
2 0V
I
Y
V

  
1 11 12 1
2 21 22 2
.
I Y Y V
I Y Y V
     
     
     
 
 Reciprocal network*: Y12 = Y21 
 Symmetrical network**: Y12 = Y21 and Y11 = 
Y22 
 For lossless network, Y parameters are all 
purely imaginary. 
* In a reciprocal network: V2 created by I1 is equal 
to V1 created by I2. 
** In a symmetrical network: Zin at port 1 is equal 
to Zin at port 2. 
Open-circuit 
impedance 
parameters: 
Z-parameters 
2
1
11
1 0I
V
Z
I

 ,
1
1
12
2 0I
V
Z
I

  
2
2
21
1 0I
V
Z
I

 ,
1
2
22
2 0I
V
Z
I

  
 Reciprocal network: Z12 = Z21 
 Symmetrical network: Z12 = Z21 and Z11 = Z22 
 For lossless network, Z parameters are all 
purely imaginary. 
[Z] = [Y]
-1
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2 21 22 2
.
V Z Z I
V Z Z I
     
     
     
 
ABCD 
parameters 
2
1
2 0I
V
A
V

 ,
2
1
2 0V
V
B
I



 
2
1
2 0I
I
C
V

 ,
2
1
2 0V
I
D
I



 
1 2
1 2
.
V VA B
I IC D
    
         
 
 Also referred to as transfer or chain matrix. 
 AD – BC = 1, for a reciprocal network 
 A = D, for a symmetrical network 
 For a loss network, A and D: purely real, B and 
C: purely imaginary 
 
 
Transmission line networks can also be characterised using these parameters. For 
instance, input impedance of a two-port TL network is obtained by [4.1]:  
2 01 1
1 0
1 2 0 2
tanh
tanh
in
Z Z lV Z A B
Z Z
I Z C D Z Z l



  
 
    (4.2) 
where A = coshγl, B = Z0sinhγl, C = sinhγl/Z0, and D = coshγl. Also, Z0 is the TL 
characteristic impedance, γ is the complex propagation constant (γ = α + jβ) and l is the 
TL length. For a lossless line, γ = jβ, (4.2) becomes [4.2]:  
2 0
1 0
0 2
tan
tan
in
Z jZ l
Z Z
Z jZ l





     (4.3) 
Similarly, the parameters outlined in Table 2.1 can be used in the analysis of more 
complex networks (e.g. filters) that are comprised of many sub-networks and elements 
connected in series, parallel and in cascade. These include: multiport networks, multi-
mode networks, dual networks, and network connections. After this point, for clarity 
and convenience, source impedance is called Zs and ZL is referred to the load 
impedance.  
4.2.2 Filter Fundamentals and Definitions  
A filter is a two-port network that is used to control frequency response in a system. 
Filters can be classified into three main groups of active (requiring external power 
source), passive (no need for external power), and hybrid filters [4.5]. Microwave 
systems are often involved with power conservation and noise control, and therefore, 
active filters are generally considered as last alternatives. Passive filters are, however, 
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further divided into lumped and distributed. The former consists of lumped components 
(including capacitors, inductors, resistors, magnetic and electromechanical components) 
and the latter comprises a periodic conducting structure with various dielectric 
mediums. Inductors and capacitors form LC filters whereas resistors and capacitors 
form RC filters. Although resistors introduce loss to the circuit, they are generally used 
for broadbanding (matching) purposes. On the other hand, distributed filters form a 
major part of industry as they provide improved overall filter performance. Some of 
these filters are surface acoustic wave (SAW), helical, interdigital and combline filters, 
cavity and also transmission lines, as will be seen later.  
Based on the comparison made in [4.7] helical filters are the best due to their excellent 
rejection profile, but they suffer from big size, assembly and tuning problems. The 
lumped-element filter is not recommended if a sharp rejection is required because of 
component‟s quality factor limitation [4.2]. SAW filters provide excellent performance 
but their only inefficiency is that they are large and lossy in a receiver block [4.9]. 
Interdigital filters also occupy relatively big space and provide moderate rejection 
profile [4.10]. Combline bandpass filters have proven to be a good choice when a 
reasonable rejection profile is required [4.11].  
Lastly, the hybrid filter refers to any possible combination of these forms. Figure 4.3 is 
a graphical representation of this classification.  
 
 
 
 
 
 
 
 
 
 
 
 
 
 
Figure 4.3. Classification of microwave filters [4.12].  
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All of these filters are generally characterised by their output response in the form of 
lowpass, highpass, bandpass or bandstop. Also, they can be designed to produce 
commonly used function-based responses of Butterworth (maximally flat), Chebyshev, 
Bessel and Elliptic (Cauer), etc.  
Filters are designed based on given specifications and, as will be seen, their responses 
are examined for the main filter requirements according to the following definitions. 
Figure 4.4 is used to illustrate the parameters.  
 Bandwidth (BW): the difference between the upper and lower frequencies (f2 – 
f1) of the circuit at which the amplitude is 3dB below the passband response 
[4.7]. It is also called the half-power bandwidth and expressed in MHz or 
percentage. Fractional bandwidth BWfrac of a filter is defined as the bandwidth 
divided by its centre frequency, BW/fc.  
 Ripple: the difference between the maximum and minimum attenuation in the 
passband. In other words, it is a measure of flatness of the passband (or variation 
of insertion loss amplitude) across a specified frequency range.  
 
Figure 4.4. Typical response of a bandpass filter with annotations of its electrical characteristics [4.7]. 
 Insertion Loss: “the transmission coefficient between two points in a circuit is 
expressed in dB” as the insertion loss [4.2]. In other words, it is the loss that a 
circuit inserts on the response of the network, and is defined as: 
20logIL T dB       (4.4) 
where 1T   . In bandpass filters, lower-Q circuit elements generally tend to 
produce higher insertion loss in the passband. Therefore, IL is inversely 
proportional to the bandwidth and the unloaded-Q of the medium [4.13].  
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 Return Loss: is a measure of the loss due to reflections in a network, resulted 
from the variations in impedance of the medium (e.g. the TL), and is defined as 
[4.2]:  
20logRL dB        (4.5) 
where Г is the voltage reflection coefficient, 0 0L LV V Z Z Z Z
      , and 
V
+
 and V
-
 are the incident and reflected voltage waves, respectively.  
 Selectivity: selectivity may be specified for a given attenuation X (e.g. 60 dB) as 
the bandwidth over which a signal X dB above the minimum detectable signal 
level is reduced to that level [30]. 
 Ultimate Attenuation: is the final minimum attenuation that a filter presents 
outside the specified passband. A perfect resonant circuit would provide infinite 
attenuation, but due to component imperfections, infinite attenuation is infinitely 
impossible to get.  
 Degree (order): the degree (order) of a filter is determined by the slope of 
attenuation curve it presents in the stopband. In other words, it can be equated 
with the number of significant reactive elements that it presents to the source as 
the signal deviates from the passband.  
 Circuit-Q: which is different than component Q, is the ratio of the centre 
frequency over the bandwidth:  2 1cQ f f f  . Therefore, higher Q results in a 
narrower bandwidth and improved selectivity [4.14].  
 Group Delay: is a measure of the time taken for a signal to traverse a network 
(i.e. transmit time). In other words it is the rate of change of the total phase shift 
with respect to angular frequency [4.16]: 
 g
d
d

 

         (4.6) 
where τg is the transfer group delay,  is the total transmission phase shift in 
radians and ω is the angular frequency in radians per seconds.  
4.2.3 Periodic Structures  
Most of passive devices designed at microwave frequencies contain periodic structures 
of some sort. Periodic structures are referred to TLs periodically loaded with reactive 
elements (inductors and capacitors), often realised in the form of discontinuities in the 
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line. Network analysis
3
 of periodic structures has revealed that these structures support 
slow-wave
4
 propagation, and passband and stopband characteristics; therefore, can be 
considered as a type of filter with:  
 Passband: α = 0, β ≠ 0; a non-attenuating, propagating wave on the periodic 
structure, with a real unit-cell characteristic impedance, 
 Stopband: α ≠ 0, β = 0, π; a non-propagating, attenuating wave along the line, 
with an imaginary unit-cell characteristic impedance.  
Note that α > 0 in positive travelling waves, and α < 0 in negative travelling 
waves [4.2].  
In a terminated periodic structure, load impedance ZL must be equal to the characteristic 
impedance Z0 of the TL to avoid reflections on the network. It is needless to mention 
that λ/4 transformers can be used between periodic structure and the load to minimise 
the mismatch.  
The k-β (or Brillouin) diagram is an effective diagram that plots the propagation 
constant β against the propagation constant of the unloaded line k (or ω). It is used in 
many microwave components and TLs (including periodic structures) to characterise 
propagation dispersion and interpret the wave velocities (i.e. phase and group velocities) 
associated with dispersive structures.  
4.2.4 Image Parameter Method 
Image parameter method (IPM) is a relatively simple method in filter design, but is 
limited in that it cannot incorporate arbitrary frequency response. This method uses the 
image impedance
5
 Zi and voltage transfer function to match input and output ports of a 
two-port network. In particular, the method uses the image parameters of symmetrical T 
and π circuits (shown in Table 4.2) to develop lowpass and highpass filter sections.  
 
 
                                                          
3
 In terms of voltage, current and ABCD parameters 
4
 Slower than the phase velocity of unloaded line, or vp << c; vp: phase velocity, c: speed of light in free 
space (vacuum) 
5
 Image impedance is used to characterise two-port networks. So if Zs = Zi1 and ZL = Zi2, then Zi1/Zi2 is the 
image impedance at input/output port when the output/input port is terminated with Zi2/Zi1.  
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Table 4.2. Image parameters for T and π networks [4.2, 4.1].  
 
 
 
 
 
 
 
 
ABCD parameters 
1 21 2A Z Z   
2
1 1 24B Z Z Z   
21C Z  
1 21 2D Z Z   
ABCD parameters 
1 21 2A Z Z   
1B Z  
2
2 1 2
1 4C Z Z Z   
1 21 2D Z Z   
Z parameters 
11 22 2 1 2Z Z Z Z    
12 21 2Z Z Z   
Y parameters 
11 22 1 21 1 2Y Y Z Z    
12 21 11Y Y Z   
Image impedance 
1 2 1 21 4iTZ Z Z Z Z   
Image impedance 
1 2 1 2 1 21 4i iTZ Z Z Z Z Z Z Z     
Propagation constant 
2 2
1 2 1 2 1 21 2 4e Z Z Z Z Z Z
      
Propagation constant 
2 2
1 2 1 2 1 21 2 4e Z Z Z Z Z Z
      
T and π equivalent circuits are used to model short transmission line sections. One of 
the mostly seen applications of image parameters for T and π networks is their use in 
design of lowpass and highpass constant-k filters, where a real Zi (and imaginary 
propagation constant γ) correlates to a passband, and an imaginary Zi (and real γ) to a 
stopband [4.2]. The relationship between L-C parameters, cut-off frequency ωc, and the 
image impedance Zi (at zero frequency) in a constant-k filter means that one set of 
results in only valid if the filter section is terminated in its specific image impedance at 
both ports. This is a significant drawback as it cannot provide a constant image 
impedance and therefore it is difficult to achieve good matching on source and load 
impedances. The constant-k filter also suffers from a relatively low attenuation past its 
cut-off frequency. Thus, constant-k filter can be modified to “m-derived filter section”, 
where an LC resonator is formed in the shunt arm of the T and π networks to create a 
pole (∞) in the attenuation after the cut-off frequency ωc; though, the m-derived filter 
does not possess good attenuation rate at frequencies higher than ωc. This added to the 
matching problem in the constant-k filter, gave way to “composite filters” that combine 
≡ 
T Network 
Z1/2 Z1/2 
Z2 
Z11-Z12 
Z12 
Z22- Z12 
π Network 
Z1 
2Z2 2Z2 
≡ 
Y11+Y12 Y11+Y12 
-Y12 
CHAPTER 4. FILTER THEORY AND DESIGN  131 
 
in cascade the constant-k and m-derived filter sections to realise filters with desired 
attenuation and matching properties. Yet, the composite filter has only one degree of 
freedom
6
, provided by the value of m for the sharp-cut-off section, and thereafter, there 
is really no clear way of improving the deign [4.2]. Figure 4.5 shows the application of 
each of the above-mentioned filter sections in a block-diagram of a typical four-stage 
composite filter.   
 
 
 
 
Figure 4.5. Block diagram of a typical four-stage composite filter; R0 is the nominal characteristic 
impedance of the filter, T represents the form of the filter section and ZiT is the associated image 
impedance [4.2]. 
4.2.5 Insertion Loss Method 
Unlike IPM, the insertion loss method provides a systematic approach in filter design as 
it uses predefined functions (chebyshev, butterworth, etc.) to obtain desired responses 
according to application requirements. Such filter synthesis permits higher degree of 
control over amplitude and phase characteristics of filter networks; of course, trade-offs 
have to be made.  For instance, chebyshev or butterworth (binomial) responses can be 
respectively used when sharp cut-off or minimum insertion loss is required. Similarly, a 
linear phase filter is used to obtain a better phase response. In addition, higher filter 
orders can always be used for performance improvement.  
As its name implies, in ILM, power loss ratio PLR (or the insertion loss, IL) defines the 
filter response while simultaneously constraining the reflection coefficient Γ(ω) [4.2]:  
 
 
 
2
2 2
1
1
1
inc
LR
load
MPPower available from source
P
Power delivered to load P N


    
 
  (4.7) 
and insertion loss in dB is: IL = 10 log PLR 
                                                          
6
 Given the ωc, and impedance  
m = 0.6 
½ π 
Constant 
K 
T 
m < 0.6 
T 
m = 0.6 
½ π 
Matching 
section 
High f 
cut-off 
Sharp  
cut-off 
Matching 
section 
ZiT ZiT ZiT 
~ R0 ~ R0 
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where |Γ(ω)|2 is an even function that can be written in terms of two real polynomials M 
and N, in ω2: 
 
 
  
2
2
2 2
M
M N


 
 

     (4.8) 
All of the available filter responses will include some form of this function, as seen in 
Table 4.3.  
Table 4.3. A summary of properties of N-order low-pass filters with different responses. 
Filter response Properties 
Maximally flat 
(also known as 
binomial or 
Butterworth) 
 Provides the flattest possible passband 
 Attenuation monotonically increases in the stopband  
 For lowpass: 
2
21
N
LR
c
P k


 
   
 
, N: filter order (i.e. number of 
reactive elements), ωc: cut-off frequency, k: constant 
 When ω = ωc, PLR = 1 + k
2
, and at ω >> ωc, PLR ≈ PLR = k
2
(ω/ωc)
2N
 
Equal ripple (or 
Chebyshev) 
 Results in a sharper cut-off, though passband ripples appear 
 Attenuation monotonically increases in the stopband  
 For lowpass: 
2 21LR N
c
P k T


 
   
 
, 1+k
2
 passband ripple amplitudes (k
2
: 
passband ripple level), N: chebyshev order, TN(x) is the chebyshev 
polynomial oscillating between ±1 for |x| ≤ 1, for ω >> ωc, PLR ≈ k
2
/4 
(2ω/ωc)
2N
 
 Chebyshev polynomial: T1(x) = x, T2(x) = 2x
2
-1, T3(x) = 4x
3
-3x, T4(x) = 8x
4
-
8x
2
+1.  
 IL of Chebyshev is (22N)/4 greater than binomial response for any 
frequency when ω >> ωc 
Elliptic function 
 The filter has equal ripple responses in both passband and stopband 
 Maximum passband attenuation Amax, and minimum stopband attenuation 
Amin are specified to obtain a better cut-off rate 
 The elliptic function filter is difficult to synthesise 
Linear phase 
 Linear phase response in the passband helps avoiding signal distortion 
 A good phase response usually results in an inferior attenuation 
characteristic 
 Phase characteristic:  
2
1
N
c
A p

  

  
    
   
, ϕ(ω): phase of the 
filter voltage transfer function, p: constant. 
 A maximally flat group delay:  
2
1 2 1
N
d
c
d
A p N
d
 

 
  
      
   
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It is noticed that the insertion loss method utilises normalised impedance and frequency 
(i.e. Zs = 1 Ω, ωc = 1) to simplify the design of N-element
7
 lowpass filter prototypes. 
The prototypes are then frequency and impedance scaled to fit the purpose. Ultimately, 
the lumped-element components are replaced with distributed circuits for operation at 
microwave frequencies. This process is shown in Figure 4.6. 
 
 
 
Figure 4.6. The process of filter design by insertion loss method [4.2]. 
In the insertion loss method, the lowpass prototypes are constructed using ladder 
networks of elements starting from generator impedance g0 to load impedance gN+1. The 
remaining reactive elements in the lowpass filter prototype alternative between L and C 
in series and shunt connections. Number of these reactive elements depends on filter 
order, and can be graphically determined using the attenuation characteristic graphs
8
. 
Also, tables exist that provide normalised values of these elements. Two main lowpass 
prototypes exist: one beginning with series element (often L) and the other with shunt 
element (often C). These two prototypes are dual of each other and give the same 
response. The above described is true for all desired filter responses (i.e. Chebyshev, 
butterworth, etc.). 
Once a lowpass filter circuit is established, the filter prototypes are frequency and 
impedance scaled and converted to other forms of highpass, bandpass and bandstop 
filters. The impedance of the prototype design is scaled by multiplying all impedances 
of the original prototype with a source resistance R0 (often 50Ω): 
0L R L        (4.9a) 
0
C
C
R
        (4.9b) 
0sR R        (4.9c) 
0L LR R R        (4.9d) 
where prime denotes the impedance-scaled quantities, and L, C and RL are original 
prototype values.  
                                                          
7
 Not very practical for large N.  
8
 Attenuation AdB versus normalised frequency |ω/ωc|-1. 
Filter 
specifications 
Lowpass 
prototype 
design 
Scaling and 
conversion 
Implementation 
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Similarly, frequency scaling is obtained by replacing the cut-off frequency ω of the 
original prototype with ω/ωc:  
k k k
c
jX j L j L



        (4.10a) 
k k k
c
jB j C j C



       (4.10b) 
where k
k
c
L
L

   and kk
c
C
C

  . Again prime denotes the frequency-scaled quantities, and 
Lk and Ck are original prototype values.  
A summary of equations utilised for frequency and impedance scaling and also the 
relationships used for transformations between the discussed lowpass prototypes and 
highpass, bandpass and bandstop prototypes are presented in Table 4.4. 
Table 4.4. Summary of prototype filter transformations [4.2].  
Lowpass 
Frequency 
& 
impedance 
scaling 
Highpass Bandpass Bandstop 
 
 
 
 
 
0 k
k
c
R L
L

   
   
 
0
k
k
c
C
C
R 
   
 
 
   
Notes:  
2 1
0
 


  , ∆: fractional bandwidth of the passband, ω2 and ω1: passband edges, ω0: passband 
centre frequency. So 0 1 2  . 
 
 
 
 
 
Lk 
Ck 
0
1
k
c k
C
R L
   
0
k
c k
R
L
C
   
0
0
k
k
R L
L

 

 
0 0
k
k
C
R L

   
0
k
k
L
C

   
0
k
k
C
C

 

 
0
0
k
k
R L
L


   
0 0
1
k
k
C
R L
 

 
0
0
k
k
R
L
C
 

 
0 0
k
k
C
C
R 

   
CHAPTER 4. FILTER THEORY AND DESIGN  135 
 
4.3 Microwave Filter Implementation 
As indicated, regardless of how efficient IPM and ILM are in designing lumped element 
filters, at microwave frequencies, these elements suffer loss and limited availability of 
values. In addition, a section of distributed TL is often modelled as a cascade of several 
inductors and capacitors, which guarantees that distributed element filters provide a 
sharper cut-off. Therefore, at microwave frequencies, lumped elements give way to 
distributed components. The conversion between lumped and distributed elements is 
done using Richard‟s transformation [4.16] and Kuroda‟s identities [4.17].  
Richard‟s transformation enables synthesis of LC networks using open- and short-
circuited, so called commensurate, transmission lines (i.e. l = λ/8 at ωc). In other words, 
a short-circuited stub (length: βl, characteristic impedance: L) can replace an inductor, 
and a capacitor can be substituted with an open-circuited stub (length: βl, characteristic 
impedance: 1/C) [4.2]. Figure 4.7 illustrates this transformation.  
 
 
 
(a) 
 
 
 
(b) 
Figure 4.7. Illustration of Richard‟s transformation from inductor and capacitor to (a) short- and (b) 
open-circuited stubs, respectively [4.2].  
Kuroda identities are also used to make a microwave filter more realisable. More 
specifically, these identities are used to provide: physical separation between TL stubs, 
transformation of series stubs into shunt stubs, and/or vice versa, and also formation of 
more realisable characteristic impedances [4.2]. In most cases, the above are achieved 
by means of employing an extra section of TL, namely the “unit element”, which is λ/8 
long at ωc, and therefore compatible with the stubs used in Richard‟s transformations. 
The four Kuroda‟s identities have been presented and proven in the literature using 
ABCD matrices (e.g. [4.18, 4.19]). Here, only an example is illustrated in Figure 4.8.  
 
jXL L jXL 
λ/8 at ωc 
Z0 = L 
S.C. 
jBc jXL 
λ/8 at ωc 
Z0 = 1/C 
O.C. C 
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Figure 4.8. Illustration of one of Kuroda identities [4.2].  
It is seen that depending on the filter configuration and the type of TL of interest, 
sometimes only series or only shunt elements are desirable. Conversions of such nature 
are often done using Kuroda identities. There is an alternative to Kuroda identities, 
namely immitance inverters
9
, for bandpass and bandstop filters of narrow (<10%) 
bandwidths [4.2]. These inverters, as their names imply, produce inverse of their load 
impedance/admittance and therefore can be looked upon as means of transformation 
between series and shunt elements. Figure 4.9 illustrates the conceptual operation of 
impedance and admittance inverters and different methods of their implementation.  
 
 
 
 
 
 
(a) 
 
 
 
(b) 
 
 
 
                                                          
9
 Impedance (K) and admittance (J) inverters. 
l 
l 
Z1 
Z2 
O.C. 
shunt 
stub 
Unit 
element 
≡ 
S.C. 
series 
stub Z1/n
2
 l 
Z2/n
2
 
Unit 
element 
l 
n
2
 = 1 + Z2/Z1 
Zin = K
2
/ZL 
K 
± 90˚ 
ZL 
Impedance inverters 
Yin = J
2
/YL 
J 
± 90˚ 
YL 
Admittance inverters 
λ/4 
Z0 = K 
λ/4 
Y0 = J 
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(c) 
 
 
 
 
(d) 
Figure 4.9. (a) Operation of impedance and admittance inverters and different methods of their 
implementation as (b) λ/4 transformers (c) TLs and reactive elements, and (d) capacitor networks [4.2].  
It can be seen from Figure 4.9(b) that amongst many types of available circuits, a λ/4 
transformer with appropriate characteristic impedance is perhaps the simplest form of 
an inverter. Other examples include TLs loaded with reactive elements (Figure 4.9(c)), 
and capacitor networks (Figure 4.9(d)). Inverters of Figure 4.9(c) are normally used in 
coupled-line (or coupled-resonator) filters, where the sections with negative electrical 
lengths are absorbed into adjacent lines, as will be seen in the next sections.   
4.3.1 Stepped Impedance Lowpass Filters 
Since in this research stepped-impedance resonators are employed for filter design, it 
might be worth mentioning that simple stepped-impedance (also called hi-Z, low-Z) 
lowpass filters can also be made by cascading TL sections of very high and very low 
characteristic impedance. These filters are fairly space conservative, and easy to design, 
though do not possess considerable electrical performance.  
In this method, each TL section is considered to be very short so that the ABCD 
parameters of a general two-port TL network can apply. Table A.5 (Appendix 4.1) 
presents these ABCD parameters for some useful two-port circuits.  
If the TL section is considered to have an electrical length of βl << π/2, then it can be 
modelled with a T-equivalent circuit (as shown in Figure 4.10), and can be characterised 
– C – C 
C 
K = 1/ωC 
– C – C 
C 
J = ωC 
K = Z0 tan |θ/2| 
 
2
01 /
K
X
K Z


1
0
2
tan
X
Z
    
 
θ/2 
Z0  Z0  jX  
θ/2 
jB 
θ/2 θ/2 
Y0  Y0  
J = Y0 tan |θ/2| 
 
2
01 /
J
B
J Y


1
0
2
tan
B
Y
    
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using the appropriate ABCD parameters. It can be seen from Tables 4.2 and A.5 that the 
T-equivalent circuit is composed of three reactive elements whose ABCD parameters 
can be written as 1 21 2A Z Z  , 
2
1 1 24B Z Z Z  , 21C Z and 1 21 2D Z Z  . Note 
that A = D. Conversion between ABCD and Z-Parameters of this two-port network 
gives
10
: 11Z A C ,  12Z AD BC C  , 21 1Z C  and 22Z D C . Therefore, one has 
[4.2]:  
11 22 0 cot
A
Z Z jZ l
C
         (4.11a) 
12 21 0
1
cscZ Z jZ l
C
         (4.11b) 
So, the shunt element of the T-equivalent network is Z12 and its series elements are: 
11 12 0 0
cos 1
tan
sin 2
l l
Z Z jZ jZ
l
 

   
      
  
    (4.12) 
where Z1/2 = Z11 – Z2 and Z2 = Z12.  
 
It can be deduced from (4.12) that the when βl < π/2, series elements will have a 
positive reactance and act as an inductor. The shunt element, however, has a negative 
reactance and acts as a capacitor. The constitutive parameters of the T-equivalent circuit 
are now known to be: 
0 tan
2 2
X l
Z
 
  
 
     (4.13a) 
0
1
sinB l
Z
       (4.13b) 
To confirm this, two cases are considered for a short length of TL, where the 
characteristic impedance Z0 is too large or too small. When Z0 is too large, X ≈ Z0βl and 
B ≈ 0 which suggests that only series inductance exists (Figure 4.10b). Similarly, when 
Z0 is too small, X ≈ 0 and B ≈ Y0βl which confirms that only shunt capacitance exists 
(Figure 4.10c). So, the ratio of the highest to the lowest characteristic impedance Zh/Zl 
should be kept at its highest that is practically possible to fabricate. The respective 
lengths of the inductors and the capacitor evaluated at ω = ωc is calculated as 
0 hl LR Z   and 0ll CZ R   with R0 as the filter impedance, and L and C as 
                                                          
10
 Full conversion table is provided in Table A.1 in Appendix 4.1.  
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normalised element values, i.e. those original tabulated values for lowpass filter 
prototype [4.2]:  
 
 
 
 
          (a)     (b)     (c) 
Figure 4.10. (a) Approximate T-equivalent circuit for a short TL section, and equivalent circuits for (b) 
small βl, large Z0, and (c) small small βl and small Z0 [4.2].  
4.3.2 Coupled Line Bandpass Filters 
4.3.2.1    Coupled Lines 
Coupling is referred to as the transfer of power between two or more conductors that are 
in close proximity in a transmission line [4.20]. It is the result of interactions of 
electromagnetic fields (of each conductor) that exist in the TL, often assumed under 
TEM or quasi-TEM modes. The most widely used coupled TL geometries are planar or 
edge-coupled, and stacked or broad-side coupled. Either case, coupled TLs can be 
represented using the structure of Figure 4.11. It can be seen that three effective 
capacitances can be defined between the two conductors and the ground plane. Study of 
coupled lines is often made easier by considering two special types of excitations, 
namely even and odd modes. Even mode is referred to the state where the conductors 
guide (carry) currents of equal amplitude and identical directions. Odd mode, however, 
is referred to the state where currents are of equal amplitude but in opposite directions. 
In other words, in even mode, a magnetic wall (or H-wall) is assumed between the 
conductors that creates an even symmetry for electric field about the H-wall, creating an 
effective open-circuit in between. Unlike even mode, in the odd mode, an electric wall 
(or E-wall) is assumed between the two conductors which acts as a voltage null or 
virtual ground plane. Figures 4.11 (b) and (c) illustrate these excitations graphically.  
 
 
 
 
jX/2 jX/2 
jB 
X = Z0βl 
B = Y0βl 
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Figure 4.11. Coupled TL and its equivalent capacitance network for (a) normal microstrip line, with (b) 
even-mode excitation and (c) odd-mode excitation [1.1, 3.1].  
If the two conductors are assumed identical in size and location (i.e. symmetrical)
11
, the 
even and odd mode characteristic impedances, Z0e and Z0o, can be given as [4.2]:  
0
1e
e
e e p e
LCL
Z
C C v C
        (4.14a) 
0
1
o
p o
Z
v C
        (4.14b) 
where vp is the phase velocity of propagation on the line, Ce = C11 = C22, and  Co = C11 + 
2C12 = C22 + 2C12. It is noted from (4.14 a and b) that Z0e,o refer to the characteristic 
impedance of each conductor under that specific operating mode, being even or odd. 
These capacitances can be evaluated analytically for purely TEM, and numerically or 
with approximate quasi-static techniques for quasi-TEM lines [4.21, 4.22]. For instance, 
                                                          
11
 Equations for asymmetrical coupled (unequal size and/or location) lines are also available in the 
literature, e.g. [4.20] 
C12 
C22 C11 
+ V + V 
H-wall 
C22 C11 
- V + V 
E-wall 
C22 C11 
2C12 2C12 
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design graphs of different coupled line geometries are used to determine widths of 
coupled lines as well as the spacing between them, for specified Z0e,o and εr (for TEM 
mode only). It is worth noting that due to the difference in field configurations of even 
and off modes, especially in the vicinity of air-dielectric interface, phase velocity is 
different in each propagation mode, which is expected to degrade directivity of the 
coupler [4.2]. It may also be worth mentioning that CAD tools have become very 
effective in design of coupled line circuits as they have built-in functions that take into 
account all the equations for various TLs.  
4.3.2.2    Coupled Line Couplers 
As it was seen, when two transmission line conductors are placed at close proximity of 
each other, a four-port network is formed which can be analysed using the definitions 
provided above. Such coupled lines can be implemented in many applications including 
directional couplers and filters. Here, the four-port single section coupler with arbitrary 
coupling is briefly reviewed in terms of its even and odd mode currents, voltages and 
input impedance. It will be shown that the four-port coupler can be converted to a two-
port network for filter design.  
A coupled line coupler with arbitrary coupling and its schematic circuit are shown in 
Figure 4.12 (a)-(d), where the input, through, coupled and isolated ports are designated. 
The coupler structure and all of its ports are assumed to be terminated with the same 
impedance Z0, and both conductor strips to have a common ground.  
 
 
 
 
 
 
 
(a)           (b) 
 
 
 
 
Coupled Isolated 
3 
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1 
Through 
4 
2 
Z0e, Z0o 
θ 
Z0 Z0 
I3 I4 
3 4 
+V3 +V4 
Z0 Z0 
2V0 
1 2 
I1 I2 
+V1 +V2 
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     (c)           (d) 
Figure 4.12. Coupled line coupler (a) geometry and configuration (b) schematic circuit, and its 
decomposition into (c) even and (d) odd mode excitations [4.2].  
The coupled line coupler is decomposed into even and odd mode excitations for an 
accurate analysis, as illustrated in Figures 4.12(c) and (d). This means that the sum of 
even and odd mode excitations in the decomposed circuit of Figures 4.12 (c) and (d) can 
be treated to be equal to the excitation at port one of Figure 4.12 (a) and (b). Table 4.5 
presents electrical characteristics of the symmetrical network of Figure 4.12 for even 
and odd mode excitations.  
Table 4.5. Electrical characteristics of the symmetrical network of Figure 4.12 for even and odd mode 
excitations [4.2].  
Even mode Odd mode 
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Notes 
 C is the midband voltage coupling coefficient, V3/V0. 
 For a perfect match and isolation, 0 0 0e oZ Z Z  must be satisfied, so Zin = Z0 , 
and V1 = V0.  
 
To get a clearer picture of the power transfer rate, coupled and through port voltages are 
plotted against frequency, using the equations for V2 and V3 in Table 4.5. The plot is 
shown in Figure 4.13.  
 
  
 
 
 
 
 
Figure 4.13. Coupled and through port voltages plotted against frequency [4.2].  
It can be deduced from Figure 4.12(a) and 4.13 that the degree of coupling i.e. V3/V0 and 
corresponding power transfer V2/V0 depends not only on even and odd mode 
characteristic impedances, but on electrical length of the lines. This is particularly 
evident in Figure 4.13 where at θ << π/2, maximum power transfer and zero coupling to 
port 2 is observed. Similarly, at θ = π/2, the coupling curve peaks to its first maximum. 
Note that the word first is used because the response is periodic, with other maxima at 
odd multiples of π/2. The coupler is often designed to have small size and minimum line 
loss to ensure that it operates at its first coupling maximum [4.2]. A phase shift of 90˚ is 
also observed between coupled and through voltages.  
In TEM lines, even and odd modes are assumed to have the same velocities of 
propagation (vp = ω/β), and therefore lines of equal electrical lengths (θ = βl). This is 
usually not the case in non-TEM lines, which often results in poor directivity in such 
lines. This defect is the direct consequence of higher effective dielectric constant εeff in 
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the even mode, as this mode has less fringing fields in the air. Although techniques to 
achieve equal phase velocities have been introduced, this type of coupler is considered 
for applications with weak coupling. It is very difficult to realise tight coupling in 
conventional transmission lines, as it requires extremely small gaps between the lines or 
non-realisable combinations of even and odd mode characteristic impedances [4.2]. 
Having said that, it will be shown in the next chapter that composite right/left-handed 
transmission lines are capable of providing tight coupling even at unusual gaps, thanks 
to their peculiar coupling behaviour.  
4.3.2.3    Coupled Line Filters   
Numerous types of filters have been designed using parallel coupled lines discussed in 
the previous section. These filters are often realised through a cascade of coupled-lines 
or resonators. In other words, as will be seen, in most cases, resonators
12
 are employed 
directly or indirectly in design of bandpass or bandstop filters. It is noticed that 
bandwidth of coupled-line filters is often less than 20%, which is mainly limited by the 
degree of coupling that can be achieved using these lines. In other words, as mentioned 
above, very tightly coupled lines would produce wide bandwidths, but such lines are 
very difficult to fabricate. It will be shown how CRLH TLs can overcome this problem, 
but first, filter characteristics of typical parallel coupled lines are briefly reviewed. In 
particular, synthesis methods of such filters, using conventional elements and networks 
whose characteristics are well known, will be presented in brief; with the aim of 
utilising these techniques in bandpass filter design.  
The properties of four-port parallel coupled lines were described before. However, since 
for filter design only two ports are required, the remaining two ports are often 
terminated in either short or open circuits, depending on the desired filter response. In 
order to synthesise such structures, the four-port impedance matrix is used, which is 
constructed through superposition of even and odd mode excitations of coupled lines, as 
seen in Figure 4.14
13
.  
 
 
 
                                                          
12
 Or resonance property of transmission lines 
13
 It should be noted that the coupled lines seen in Figure 4.14 are essentially the same as those of Figure 
4.12, except that the notations have been adjusted to pertain to their filter property.  
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(a)      (b) 
Figure 4.14. Parallel coupled line section (a) with port definitions, and (b) with even and odd mode 
current sources [4.2].  
Table 4.6 summarises the relationships of driving currents, total port currents and 
voltages, etc. for ports 1 or 2 when other ports are open-circuited.  
Table 4.6. Summary of the important equations used in the synthesis of coupled lines of Figure 4.14. 
Even mode Odd mode 
0 cot
e
in eZ jZ l  0 cot
o
in oZ jZ l   
   
 1 1
0 1
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sin
a b e
l z
v z v z jZ i
l



    
   3 3 0 3
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sin
a b e
z
v z v z jZ i
l


    
   
 2 2
0 2
cos
sin
a b o
l z
v z v z jZ i
l



     
   4 4 0 4
cos
sin
a b o
z
v z v z jZ i
l


     
 1 1 2
1
2
i I I  ,  3 3 4
1
2
i I I    2 1 2
1
2
i I I  ,  4 4 3
1
2
i I I   
I1 = i1 + i2, I2 = i1 – i2, I3 = i3 – i4, I4 = i3 + i4 
Total voltage at port 1: 
           1 2 3 41 0 1 0 2 0 3 0 40 0 0 0 cot csca a a a e o e oV v v v v j Z i Z i j Z i Z i         
 
 1 0 3 0 4 0 4 0 3 csc
2
e e o o
j
V Z I Z I Z I Z I 

     . 
 
Equations (4.15)-(4.17) and the relations in Table 4.6 can be used to describe the four-
port coupled line network of Figure 4.14(a).  
11 12 13 141 1
21 22 23 242 2
31 32 33 343 3
41 42 43 444 4
.
Z Z Z ZV I
Z Z Z ZV I
Z Z Z ZV I
Z Z Z ZV I
    
    
    
    
    
    
     (4.15) 
So,  
0 l 
z 
2 3 
Z0e, Z0o 
I2 
I1 
I3 
I4 
+V2 
+V1 
1 4 
+V3 
+V4 
0 l 
z 
2 3 
Z0e, Z0o 
i1 
i1 
i3 
i3 1 4 
vb 
va 
i2 i4 
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1 11 1 12 2 13 3 14 4V Z I Z I Z I Z I         (4.16a) 
2 21 1 22 2 23 3 24 4V Z I Z I Z I Z I         (4.16b) 
3 31 1 32 2 33 3 34 4V Z I Z I Z I Z I         (4.16c) 
4 41 1 42 2 43 3 44 4V Z I Z I Z I Z I         (4.16d) 
where [4.2], 
 11 22 33 44 0 0 cot
2
e o
j
Z Z Z Z Z Z 

         (4.17a) 
 12 21 34 43 0 0 cot
2
e o
j
Z Z Z Z Z Z 

         (4.17b) 
 13 31 24 42 0 0 csc
2
e o
j
Z Z Z Z Z Z 

         (4.17c) 
 14 41 23 32 0 0 csc
2
e o
j
Z Z Z Z Z Z 

         (4.17d) 
Termination of any two ports of the four-port network with open or short circuit would 
result in ten possible combinations, each of which has a unique filter response, as shown 
in Table A.6 (Appendix 4.1). The resulting two port networks can be analysed using 
image impedance Zi and propagation constant β of the T and π equivalent circuits 
presented in Table 4.2. In particular, Zi and β are examined at specific range (values) of 
coupled line section lengths for passband or stopband characteristics. It is also worth 
noting that, as will be seen, although these single section coupled lines may not be of 
interest on their own, they are often placed in cascade to form desired bandpass or 
bandstop filters.   
More generally, coupled line sections of Figure 4.14 have been used in cascade to form 
narrowband bandpas filters, e.g. [4.23]. Theoretical and numerical methods have 
verified that a single coupled line section can be approximately modelled using two 
transmission line sections added on both ends of an inverter, as seen in Figure 4.15.  
 
 
 
   (a)             (b) 
Figure 4.15. (a) Single open-circuited parallel coupled line section and (b) its equivalent circuit [4.2].  
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The transmission lines have characteristic impedance Z0, and electrical length θ which 
corresponds to passband centre frequency. It was pointed out that admittance inverter 
(for θ = π/2) can be considered as a λ/4 TL with Z0 = 1/J. The ABCD matrix for the 
circuit of Figure 4.15 is obtained from Table A.1 to be [4.2]:  
0 0
0 0
cos sin cos sin
0
sin sin
cos cos0
jZ jZ
A B j J
j j
C D jJ
Z Z
   
 
 
   
               
      
 
  
2
2 2
0 0
0
2 2
02
0 0
1 cos
sin cos sin
1 1
sin cos sin cos
JZ j JZ
JZ J
j J JZ
JZ JZ

  
   
    
     
   
     
     
     
   (4.18) 
Image impedance Zi and propagation constant β of the equivalent circuit (Figure 
4.15(b)) are found to be:  
 
 
2 2 2
0
2 2 2
0
sin 1 cos
1 sin cos
i
JZ JB
Z
C JZ J
 
 

 

    (4.19a) 
0
0
1
cos sin cosA JZ
JZ
  
 
   
 
     (4.19b) 
where J is the admittance inverter constant, and Z0 is the characteristic impedance of the 
TL, and ω0 is the centre frequency. In a larger scale, the coupled line section of Figure 
4.15 and its equivalent circuit are cascaded to N+1 coupled line sections, shown in 
Figure 4.16. It is noted that the length between two consecutive inverters is 2θ14, which 
translates to the approximate equivalent circuit of shunt parallel LC resonator with 
equivalent inductor and capacitor values as [4.2]:  
0
0
2Z
L

       (4.20a) 
2
0 0 0
1
2
C
L Z

 
       (4.20b) 
As observed in Figure 4.16(c), the TL with l = 2θ can also be modelled using the circuit 
of T-equivalent and an ideal transformer network. The ideal transformer does not affect 
the amplitude response of filter and only provides a phase shift of 180˚; so it can be 
                                                          
14
 Approximately λ/2 long in the vicinity of filter bandpass region.  
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discarded. All of the above have been confirmed using ABCD and impedance matrices 
of each of these networks.  
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
Figure 4.16. Synthesis of coupled line bandpass filter and development of its equivalent circuit, using 
equivalent sub-networks and approximate equations.  
The TL sections on either end of the filter circuit with length θ are neglected as they are 
matched to source and load impedances, Z0. Also, the first and last inverters, J1 and JN+1, 
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can be replaced with a circuit that contains a transformer and a λ/4 line section. In this 
circuit, the λ/4 line can also be ignored as it is only responsible for generating a phase 
shift. Therefore, Figure 4.16(b) can be transformed to Figure 4.16(e)
15
, in which parallel 
coupled lines have been replaced with shunt LC resonators with an inverter in-between. 
One other relation, which is useful in replacing the inverter with realisable lumped 
elements, is the effect that an admittance inverter has in transforming a shunt LC 
resonator into a series LC resonator, as shown in Figure 4.16(f)
16
. This has been 
confirmed by comparison of the admittance just to the right of the central inverter, Y1, 
with the input admittance of the filter, Yin [4.2]. In other words, Y1 and Yin are 
considered equal under the following conditions:  
1 1
2 2
1 0 1 1
1 C C
J Z L L



     (4.21a) 
2 2
1 0 2 2
2
2 2 2
J Z C L
J L C



     (4.21b) 
2 3 2
1 0 3
02
2
J Z J
Z
J
       (4.21c) 
where Ln and Cn can be found from (4.20), and L′n and C′n are: 
0
1
0 1
Z
L
g

        (4.22a) 
1
1
0 0
g
C
Z
 

      (4.22b) 
2 0
2
0
g Z
L

 

      (4.22c) 
2
0 2 0
C
g Z

        (4.22d) 
with ∆ being the fractional bandwidth, ∆ = (ω2 – ω1)/ω0. Similarly, the inverter 
constants are found (for N = 2) using:  
1/4
1 1
1 0
1 1 12
C L
J Z
L C g
  
  
 
     (4.23a) 
1/4
2 2 2
2 0 1 0
2 2 1 22
C C
J Z J Z
L L g g
  
  
 
    (4.23a) 
                                                          
15
 For transformer‟s turn ratio of N = 2, i.e. three coupled line sections. 
16
 Many other transformations of such nature also exist, that can be found in [4.4] 
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2
3 0
1 22
J
J Z
J g

        (4.23a) 
Given Z0 and Jn, Z0e and Z0o of the coupled line sections can be individually determined 
as: 
 
2
0 0 0 01eZ Z JZ JZ    
     (4.24a) 
 
2
0 0 0 01oZ Z JZ JZ    
     (4.24b) 
Finally, the above relations can be used to obtain the following generalised bandpass 
filter design equations for N+1 coupled line sections [4.2]:  
0 1
12
Z J
g

        (4.25a) 
0
12
n
n n
Z J
g g



  for n = 2, 3, ... N   (4.25b) 
0 1
12
N
N N
Z J
g g




       (4.25c) 
4.3.3 Filters using Coupled Resonators  
It has been observed that single reactive elements can only produce a lowpass or 
highpass filter response. Instead, their LC combination in series or shunt produces a 
resonant circuit which can be used directly or indirectly in design of bandpass and 
bandstop filters. Parallel coupled lines of previous section, used resonators indirectly to 
design bandpass filter. This section, however, shows how resonators are embedded 
within the structure of the filter often in the form of open- or short-circuited TL 
resonators.  
4.3.3.1     Filters using Quarter-Wave TL Coupled Resonators 
One of the most widely used methods of coupled resonator filter design is to load a TL 
with shunt short- or open-circuited TL stubs, as shown in Figure 4.17. The stubs are 
designed to be λ/4 long at ω0, and expectedly act as series or parallel resonant circuit 
when open- or short-circuited, respectively. The TL section between the stubs, which is 
also λ/4 long acts as an admittance inverter to “effectively convert alternate shunt 
resonators to series resonators” as expected for bandpass and bandstop filters [4.2].  
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(a) 
 
 
 
 
 
(b) 
 
 
 
 
 
 
 
 
 
Figure 4.17. Implementation of shunt resonators in design of (a) bandstop filter with open-circuit stubs 
and (b) bandpass filter with short-circuit stubs; (c) and (d) illustrate the development of the bandstop filter 
in Figure 4.17(a) [4.2]. 
Considering the bandstop filter case of Figure 4.17(a), the λ/4 long shunt open-circuited 
stubs with characteristic impedance Z0n, can be approximated with a series resonator 
with parameters Ln and Cn. Input impedance of such stub is 0 cotnZ jZ   . The stub 
characteristic impedance 0 04n nZ L  , where ω0 is the centre frequency and Ln is the 
inductor value in series resonator [4.2].  
Likewise, the λ/4 TL between stubs can be replaced with an ideal admittance inverter, to 
produce the circuit of Figure 4.17(c). At this stage, the technique of the previous section 
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can be used to replace the inverter and its succeeding resonator with a new appropriate 
resonator, shown in Figure 4.17(d). Values of the final circuit elements can be found 
using the following identities: 
1 1
2
0 1 1
1 L C
Z C L



     (4.26a) 
2 2
2 2
L L
C C



       (4.26b) 
where 201n n n nL C L C    , 
2 2
1 0 0 1L Z L   and 2 2L L . Also, the general equation for 
characteristic impedances of a bandstop filter is obtained from:  
0
0
4
n
n
Z
Z
g


      (4.27) 
It is important to note that the final equivalent circuit contains parallel resonant circuits 
in series connection and series resonant circuit in shunt connection, which provide Zin = 
∞ (open circuit) at resonance, resulting in stopband. It is also worth mentioning that for 
the bandpass filter of Figure 4.17(b), coupled short-circuited stub resonators are used 
(acting as parallel resonant circuits placed in shunt connection). The general expression 
for stub characteristic impedances of this filter changes to: 
0
0
4
n
n
Z
Z
g
 
       (4.28) 
This filter design method has a number of advantages over coupled line filter method 
(in the previous section) for narrowband filters. For instance, N stubs in this filter would 
produce the same response as N+1 coupled line sections. So, unlike the coupled line 
filters in which sections are used to transform impedance levels, in the coupled 
resonator filter, internal impedance in Z0. Therefore, the stub filter is more compact and 
easier to design. However, characteristic impedances are often used that are practically 
difficult to realise. Also, the above results are true only if input and output impedances 
are equal to Z0
17
 [4.2].  
 
 
 
 
                                                          
17
 Therefore, equal-ripple filters (with N even) cannot be designed using these equations. 
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4.3.3.2     BPFs using Capacitively Coupled Series Resonators 
Another approach that is often employed in bandpass filter design is the use of 
capacitive coupling between series or shunt resonators, as will be seen. Capacitive 
coupling which is most suitable for compact designs [4.24], is often achieved using gap-
type or interdigital capacitors. The former is used for interstage coupling (between 
resonators) where small capacitance values are required; and the latter is applied to 
input and output couplings where large capacitance values are required [4.24]. Though, 
considering the physical structure and dielectric material in use, the choice is ultimately 
for the designer. Figure 4.18 compares a gap capacitor with an IDC in terms of their 
capacitive values against the main factor influencing the capacitance in such structures.   
 
 
 
 
 
 
 
 
 
 
Figure 4.18. Examples of the relationships of coupling capacitances with finger length and gap length for 
(a) interdigital capacitor, and (b) gap capacitor [4.24].  
In this section, filters using capacitively coupled series resonators are reviewed. Then, 
application of capacitive coupling in filters constituting shunt resonators is presented.  
Figure 4.19 shows a capacitive-gap coupled resonators bandpass filter, and its 
equivalent circuit with the filter order N, representing the number of series resonant 
sections (each λ/2 long at ω0), and N+1 indicating capacitive gaps between these 
resonators.  
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(a) 
 
 
 
(b) 
 
 
 
(c) 
 
 
 
(d) 
Figure 4.19. Development of capacitive-gap coupled resonator BPF equivalent circuit [4.2]. 
From bandpass filter theory, and similar to previous cases, admittance inverters are 
required in between these resonators (of the same type) “to convert alternate shunt 
resonators to series resonators” [4.2]. As seen in Figure 4.19(b), this is done by inserting 
small negative-length TL sections on either end of the gap capacitor to form inverter 
circuit of Figure 4.9(c). So the new electrical length of each section of TL between two 
capacitors can be given as:  
1
1 1
2 2
i i i         for i = 1, 2, ..., N  (4.29) 
where ϕi, electrical length of the line, ϕi < 0. The circuit of Figure 4.19(b) can be 
generated when: 
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with Bi as the capacitive susceptance and Ji as the inverter constant. So the resonator 
electrical length becomes:  
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   1 10 0 1
1
tan 2 tan 2
2
i i iZ B Z B 
 

      
It is noted that Figure 4.19(d) is identical to Figure 4.16(b) in parallel coupled line BPF 
design (ϕ = 2θ = π at ω0) and therefore can be treated and synthesised in the same way 
for admittance inverter constants, Ji, lowpass prototype values gi, fractional bandwidth 
∆, and so on.  
4.3.3.3     BPFs using Capacitively Coupled Shunt Resonators 
The second approach is the use of series capacitive coupling between shunt short-
circuited stub resonators, as shown in Figure 4.20. These stubs are approximately λ/4 
long at ω0 and their quantity determines order of the filter.  
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Figure 4.20. Development of equivalent circuit for the capacitively coupled shunt stub resonator BPF 
[4.2].  
It can be seen that the figure configuration is very similar to the coupled lines/resonators 
of previous sections, in that both circuits employ admittance inverters and parallel LC 
resonators. However, since this filter has capacitive IP and OP coupling instead (and 
therefore, requires extra inverters for impedance scaling of the filter), it is approached in 
a slightly different manner. The difference lies in the fact that inverters are now 
replaced with their equivalent capacitor π-network implementation, as shown in Figure 
4.20(c). Note that shunt negative capacitances of the equivalent π-network are eaten up 
by larger capacitors of LC resonators. So, admittance inverter constants are found to be 
[4.2]:  
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The values of the internal coupling capacitors are: 
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Likewise, input and output coupling capacitor values are found to be:  
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Figure 4.20(c) is therefore reduced to (d), with the effective resonator capacitor as: 
1, , 1n n n n n n n nC C C C C C           (4.34) 
where 1, , 1n n n n nC C C     ; ∆Cn is a measure of the change in the LC capacitance 
when parallel –C of the inverter is added.  
Figure 4.20(d) can be modified further in the form of replacement of shunt LC resonator 
with short-circuited TL stubs of a length < λ/4 at ω0, as depicted in Figure 4.20(e). To 
compensate for the shortfall in the stub resonator length, and leaving the resonator 
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frequency unaffected, a shunt capacitor is added to the stub resonator, which can itself 
be replaced with an additional short section of TL, of length ∆l, where: 
0 0 0 0
2
Z C Z C
l
 

 
 
    
 
    (4.35) 
Therefore, the overall length of the stub becomes: 
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4.4 Stepped Impedance Resonator (SIR) Bandpass Filter 
It was concluded in the previous chapter that SIRs (as opposed to UIRs) have a great 
potential for miniaturisation, as well as the capability of controlling spurious 
frequencies by design. As such, their application in filter design has proved to be very 
beneficial. Since in this research SIRs are implemented in bandpass filter design, it is 
necessary to review their filter-related properties, such as quality factor Q values, 
coupling characteristics, etc. and the effect of such properties on the resulting filter 
response, including bandwidth BW, centre frequency fc, and so on.   
The first point to note is that SIRs are resonators like those described before. Therefore, 
whether in distributed or lumped-element forms, they can be synthesised using 
equivalent circuit theories. Consequently, filter design using any of these resonators 
involves certain sequence of stages that are common in most filter design procedures. 
Of course, details vary depending on the filter structure and response requirements. It 
should be mentioned, however, design of more complex filter is inevitably an adaptive 
process which involves a combination of professional judgement and the correct use of 
available theories and tools. Some of these commonly shared procedures include [4.24]:  
1. Choosing a filter response type: Chebyshev, Butterworth, etc. 
2. Starting with given filter specifications, e.g. fc, BW, ... 
3. Doing a filter synthesis, and obtaining filter design parameters such as: required 
stage number n, element values gi, unloaded-Q, etc. 
4. Calculating electrical and structural parameters of filter based on the applied 
resonator structure 
5. Resonator length corrections and optimisation 
6. Processing, assembly and fabrication, etc. 
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4.4.1 Stepped Impedance (SI) Implementation of Coupled Resonator 
Filters  
It was observed that capacitive coupling between resonators can be used for interstage 
coupling to construct bandpass filters. However, such coupling is limited and therefore 
is replaced with electromagnetic coupling where coupling is mainly controlled by 
spacing between resonators [4.24]. Examples of such filters are interdigital and 
combline bandpass filters. In these filters, input and output coupling are achieved by 
means of capacitive (spacing) or inductive (tapping) coupling. These types of filters are 
structurally very simple, but ironically have constraints that limit their application. For 
instance, at lower frequencies, resonators are quite large (l = λ/4 at ω0 for interdigital 
BPF), but perhaps more importantly the bandwidth of these filters is mainly controlled 
by the resonator spacing (i.e. the coupling) which means that for normalised filters, 
excessively wide gaps are required.  
Several methods have been proposed to minimise the size of such filters. In particular, 
lengths of the resonators have been shortened by connecting lumped-element 
capacitances to their open-end, as seen in Figure 4.21. This helps maintaining the same 
resonant frequency with a shorter resonator length (l < λ/4). The added capacitor (which 
had introduced some loss) was later replaced with its TL equivalent, resembling a 
stepped impedance resonator; Figure 4.21(c). It is worth mentioning that although these 
filters and their constitutive resonators are relatively similar in operation, their design 
often requires very different approaches.  
 
 
 
 
 
 
        (a)   (b)    (c) 
Figure 4.21. Alignment of resonators for (a) interdigital BPF, (b) combline BPF and (c) SIR-based 
combline BPF [4.24]. 
When designing SIRs, it has been recommended to use structures that allow high 
impedance ratio RZ, as carefully chosen higher RZ gives higher Q (seen from Figure 
l = λ/4 
l < λ/4 l < λ/4 
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3.5). Therefore, CPW is not normally used as it reportedly provides narrow range of 
impedances [4.24]. Instead, microstrip lines are often used, despite the general tendency 
to avoid ground via holes; since via holes are difficult to fabricate accurately, and that 
via‟s associated parasitic elements introduce losses and shift in resonance frequency. 
Moreover, ohmic losses are expected in microstrip lines due to current crowing effect 
on conductor edges. Nevertheless, microstrip is still perhaps the most widely used 
planar TL thanks to its numerous advantages including the availability of dielectric 
materials with high permittivity values that allow for miniaturisation, and also their 
capability of integration with active devices.  
4.4.2 Coupling between SIRs  
Stepped impedance resonators (SIRs), like other previously described resonators, can be 
coupled in parallel to form bandpass filters. Although due to geometry and 
configuration (e.g. the step in TL), the coupling of SIRs is different than UIRs, they can 
still be analysed using even and odd mode impedances Z0e,o and coupled electrical 
lengths θ1,2 for pairs of SIR constitutive coupled-line sections, as illustrated in Figure 
4.22.  
 
 
 
 
 
 
 
 
Figure 4.22. Layout of coupled SIRs and the interstage coupling between them [4.24].  
The coupling is quantitatively described by a coupling coefficient, k which is defined as 
   ce co ce cok Z Z Z Z   . It has been known that in microstrip UIR resonators, 
coupling coefficient decreases monotonically with the gap, g, between resonators, 
which means that a particular coupling value corresponds only to a single value for g. 
However, in coupled SIRs, coupling mechanism is more complex, especially when the 
SIRs are coupled throughout the entire length (e.g. Figure 4.22).  
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Using the numerical study of electric and magnetic energy definitions and resonance of 
irregular coupled lines, [4.25, 4.26] have presented formulas for calculation of coupling 
coefficient of SIRs, and has illustrated a region where coupling coefficient increases 
with an increase in distance between SIRs. In its analysis, inductance and capacitance 
coupling coefficients KL and KC [4.27] have been used
18
 to calculate electric and 
magnetic energies EC, and EL within each resonator. The total energies have then been 
used to derive formulas for calculations of coupling coefficient of coupled symmetrical 
SIRs.  
It can be seen from Figure 4.23 that examining the influence of structural parameters of 
coupled SIRs on their coupling coefficient, there is an anomalous region where the 
coupling coefficient increases with an increase in spacing between SIRs. Such increase 
has been observed for cases of increase in dielectric permittivity εr and decrease in 
conductor width ratios W2/W1. It is evident from the figures that except for very small 
value of εr and very large value of W2/W1, it can still be generally said that carefully 
selected smaller gaps between SIRs produce the highest coupling coefficient. This gives 
a good flexibility in SIR filter design, as different levels of coupling can be obtained 
with a wider range of different distances.  
 
 
 
 
 
 
 
 
Figure 4.23. Illustration of the effect of (a) substrate dielectric permittivity εr, and (b) width ratio of strip 
conductors, on the relationship of spacing and coupling coefficients; for substrate thickness h = 1mm 
[4.25]. 
It can be deduced from coupled SIR structure of Figure 4.22 that inductive coupling is 
dominant near the short-circuited ends of the coupled-lines, due to the concentration of 
current flow in coupled-lines 1. Similarly, presence of open circuit on the other end of 
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SIR gives rise to voltage near that end and makes the capacitive coupling dominant on 
the open-end sections of the coupled-lines 2. Characteristic impedance Z1,2 of single TL 
SIR is given as:  
1 0 1 0 1e oZ Z Z       (4.37a) 
2 0 2 0 2e oZ Z Z       (4.37b) 
From filter design point of view, the availability of more design parameters in an SIR 
(as opposed to its UIR counterpart) is an advantage. Also, the extra degree of coupling 
offered by the new set of coupled-line sections means that attenuation poles (∞) can be 
generated on either side of the passband according to the desired pole frequency, which 
is in turn controllable by the coupling strength. Existing SIR BPFs have been reported 
to generally suit miniaturisation, and research is still ongoing for improvements on low-
loss, steep cut-off and extended spurious suppression (or relocation) characteristics 
[4.28-4.34].  
4.4.3 Capacitively Coupled SIR Bandpass Filters 
Similar to the capacitively coupled resonator filters of the previous section, that 
employed uniform impedance resonators (UIRs), bandpass filters can be made using 
SIRs. The main difference, of course lies in the use of SIR (instead of UIR) as the 
resonator element of the filter. The first capacitively coupled SIR BPF was presented in 
[4.24, 4.35], and depicted in Figure 4.24.  
 
 
 
 
 
 
 
(a) 
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(b) 
 
 
 
 
(c) 
Figure 4.24. Equivalent circuit model of a capacitively coupled SIR BPF [4.25, 4.35]. 
Design and synthesis methods of such filters have come from [4.36] and shown to be 
very similar to the UIR capacitively coupled filters. So in design of SIR BPF, following 
design parameters are assumed given: centre frequency ωc, number of stages n, element 
values gi, relative bandwidth BW, input and output conductances GS and GL, etc. For 
these parameters, coupling capacitance and shunt capacitance are calculated using 
admittance inverter parameters. Also, filter insertion loss at mid-band L0 and unloaded 
Q are calculated. Moreover, assuming SIR structural parameters Z1, Z2, l1, l2 and the 
slope parameter bSA, the following relation is obtained 0 1r SAL b  . Once the physical 
dimensions of the SIR are determined, discontinuity capacitance Cd, and open-end 
fringing capacitance Cf are calculated.  
It is noted that the length of each resonator has been shortened in order to avoid a 
downward shift in the resonance frequency resulting from the coupling capacitances 
( 1 LC  ). Similar approach was also observed in the capacitively coupled filter of 
the previous section. Therefore, resonator line lengths are adjusted in the form of either 
a short length of TL of open end, or a small capacitance. In the original work reported 
by Makimoto and Yamashita [2.24] a variable capacitor is used at the end of the 
resonator‟s open end to absorb the variance of the resonator length. The final step would 
be to fine-tune the coupling capacitors and resonator lengths together, both of which 
control the resonance frequency.  
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It is also worth mentioning that for simplicity and design convenience, inductors in the 
SIR can be chosen to have identical inductance values (and identical slope parameters). 
Similarly, in the layout, electrical lengths of both SIR TL sections may be considered 
equal, as shall be seen.  
4.4.4 Electromagnetically Coupled BPFs using λg/4-type SIRs 
In this section, the theories and design synthesis methods that were explained in the 
previous sections are employed to design a bandpass filter using resonators. In 
particular, short-circuited λ/4-type SIRs are employed to realise the bandpass filter 
(BPF), as will be seen.  
It became abundantly clear from the literature review that almost all of the bandpass 
filters employ resonators and implement coupling (input/output coupling and/or 
interstage coupling between resonators) at some stage of design (e.g. [4.37-4.40]). This 
is mainly due to the fact that resonators in this context are often used to create infinite 
input impedance, and therefore transmission zeros, at their resonance frequency in BPF. 
Coupling is also used to mainly control the passband in addition to controlling the 
position of transmission zeros (i.e. the pole of frequency) on either side of passband in 
the frequency axis. Figure 4.25 depicts the design mechanism that has been 
implemented in the coupled line/resonator filter design.  
 
 
 
Figure 4.25. Block diagram of stages involved in filter construction. 
It was also seen in the literature that in the design of BPFs, thanks to the inverters, 
resonant circuits are effectively used in alternates to produce the passband. Of course, 
this meant that the passband can be generated either by creating infinite attenuation 
(transmission zero) in a network where all signals are being transmitted from IP to OP, 
or by creating zero attenuation (reflection zero) in a network where no signal is being 
transmitted (i.e. being totally reflected or absorbed).  
Transmission zeros are often created by placing a parallel resonant circuit in series 
connection, and placing a series resonant circuit in shunt connection, as seen in Figure 
4.26. Similarly, opposite topologies, that is series resonant circuit placed in series 
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connection and parallel resonant circuit placed in shunt connection, create reflection 
zeros (or total transmission).  
 
 
 
       (a)      (b) 
Figure 4.26. A series resonant circuit in shunt connection, and a parallel resonant circuit in series 
connection.  
It can, therefore, be noticed that the effective circuit of bandpass or bandstop filters that 
will be designed, must conform to these guidelines. Of course, the actual realisation 
method is a choice for the designer. 
4.4.4.1     Filter Development from Coupled UIRs 
Bandpass filters that were constructed by coupling of open-ended λ/2 UIRs in parallel, 
generally had a coupling length of λ/4. However, when λ/2 UIRs are replaced with λ/2-
type SIRs, the coupling length is no longer limited to λ/4, and depends on the arbitrary 
length of Z2 transmission line sections, according to the resonator structure [4.41]. 
Nevertheless, the same electrical parameters as those used for conventional UIR 
coupled lines
19
 can be used to synthesise the coupled SIR BPF. In addition, although it 
was mentioned that even and odd phase velocities vpe and vpo, in microstrip lines (unlike 
TEM lines) are not equal, since this does not affect the coupling strength, they can now 
be considered equal [4.24].  
Configuration and analysis of coupled lines were presented in the previous sections 
using equations and equivalent circuits. Due to the difficulty of synthesising BPFs from 
such equations, inverters were introduced, which were treated as ideal coupling circuits 
without frequency dependence, i.e. Yin α 1/YL, or J = 1/Z0. In other words, inverter 
parameters have been required in order to determine the circuit parameters of a BPF that 
employs parallel coupled lines of arbitrary coupling length. All of the above also apply 
here as SIR is considered as a resonator element. So [4.24], 
                                                          
19
 Even and odd mode impedances, Z0e,o, coupling angles θe,o, phase velocities vpe,o, etc.  
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A. The Initial Design 
Having considered the above, a bandpass filter is primarily designed using two shot-
circuited λ/4 transmission lines (acting as parallel resonators). It has been observed in 
filter designs of previous sections that the constitutive resonators of the bandpass filters 
have been connected using some form of TL or reactive elements (being λ/4 TL, C-
networks, etc.) that acted as an inverter. The same idea is applied in this case to connect 
the two transmission line resonators (TLRs) on their short-circuited point. The shorting 
via inductor is designed from Figure 4.9(c) to form an impedance inverter as well as 
being an interstage coupler. Input and output coupling is also achieved using gap 
capacitances. U-shaped coupling feeds are adopted to achieve a high degree of IP/OP 
coupling (as well as helping with the interstage coupling) and therefore, a reduction in 
the insertion loss and improvement in harmonic suppression [4.42]. Although the 
correct degree of coupling must be applied throughout the design to avoid other 
problems including a shift of centre frequency, split of passband, and so on, as will be 
seen later. Figure 4.27 presents the layout and equivalent circuit model of this 
preliminary bandpass filter
20
.  
 
 
(a) 
 
 
 
 
 
(b) 
Figure 4.27. (a) Layout of the uniform impedance resonator filter, and (b) its equivalent circuit model 
                                                          
20
 Filters presented in this section have been designed to prove the concept, and therefore at this stage are 
for illustration purpose only. That is why the filter parameters are not explained in details at this stage.  
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The response of the bandpass filter is shown in Figure 4.28. It can be seen that, as 
expected, the first transmission zero (resulted from the resonance of the first parallel 
resonator) occurs at the lower side of the passband where the attenuation is reasonable, 
but the not very sharp. However, on the upper side of the passband, the attenuation is 
not so acceptable. This is mainly due to the fact that the interstage coupling between the 
two resonators is very weak.  
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Figure 4.28. S-parameters response of the bandpass filter of Figure 4.27.  
To improve the coupling of the filter and simultaneously save space, the resonators are 
folded (bended) to a hairpin shape from the shorting point towards each other as seen in 
Figure 4.29. Equivalent circuit of this resulting filter is also shown, where Ci and Co 
represent input and output coupling capacitances, Li is the inverter inductance, and Cc 
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symbolises the coupling between the two resonators (interstage coupling) that are 
separated by the gap g.  
 
 
 
 
 
 
 
 
Figure 4.29. Folded (bended) hairpin-shaped UIR BPF.  
Figure 4.30 depicts the simulation response of the folded UIR BPF. It is evident that 
with the increase in the overall coupling of the structure, two distinct transmission zeros 
have emerged. Examinations of different values for Cc (i.e. different gap sizes) show 
that coupling also affects the position of the transmission zeros, particularly on the 
upper side of the passband. The direct (imminent) effect of the change in coupling is on 
the passband which will be remarked later.  
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Figure 4.30. Simulation response of the UIR BPF of Figure 4.29.  
B. Replacing the UIR with SIR 
Since both UIR and SIR short-circuited λg/4-type resonators can be modelled as parallel 
resonators, the two UIRs of the filter are replaced with SIRs in an attempt to produce a 
smaller two-staged filter design and to provide higher degree of flexibility for further 
control of the filter response, through increased coupling and shift of spurious 
frequencies away from the centre passband. The end-connected λg/4-type SIRs can also 
be considered as a λ/2 SIR with its middle being shorted to ground. The resulting filter 
is depicted in Figure 4.31.   
 
 
 
 
 
 
 
 
 
Figure 4.31. The hairpin-shaped λg/4-type SIR BPF.  
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The structure and operation of a combline BPF (seen in Figure 4.21) can be used to 
explain the size reduction in the resonator. In simple words, the λ/4 UIR resonator can 
be made shorter in length if a TL section at its open end is replaced with a capacitor 
connected to ground. This capacitor combined with the shunt capacitance of the TL (to 
the ground) ensures that the resonant frequency and the resonator stays unchanged. This 
shunt capacitance converts to a TL of appropriate dimensions (as was shown) resulting 
in the SIR layout of interest.  
In the SIR BPF of Figure 4.31, coupling (especially between resonators) is also 
increased as internal coupling is introduced, thanks to the layout of the SIRs. Internally 
coupled SIRs and associated BPFs have been described in [4.24] with important 
relations summarised in Appendix 4.1.  
Simulation responses of the UIR- and SIR-based bandpass filter are compared in Figure 
4.32. The quasi-elliptic response of the filter is attributed to the cross-coupling between 
the input and output, which has improved the roll-off sharpness and selectivity of the 
filter [4.42]. It can also be seen the SIR filter has introduced a third transmission zero 
after the passband, which is really helpful for extending the spurious-free stopband of 
the filter, as will be seen in the next chapter.  
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Figure 4.32. Simulation response of the λg/4-type SIR BPF of Figure 4.31.  
Simulation results of the UIR and λg/4-type SIR filter are also compared in Figure 4.33. 
It can be observed that the SIR filter is better not only in attenuating the signals, but also 
in extending the spurious-free band. The passband of both filters is similar, with a slight 
variance resulted from the difference in coupling of filters. In the next chapter, the λg/4-
type bandpass filter is designed and fabricated based on required filter specifications. 
The concept is extended to design composite right/left-handed stepped impedance 
resonator bandpass filters in order to achieve much smaller size and a wider extended 
spurious-free stopband, as will be seen.  
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Figure 4.33. Comparison between simulation results of UIR and SIR bandpass filters.  
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4.5 Metamaterial Coupled-Line Couplers (CLCs) 
It was mentioned in Section 4.3.2.2 that conventional (RH) coupled-line couplers 
(CLCs) are constructed by placing two (or more) unshielded transmission lines in close 
proximity to each other, as depicted in Figure 4.34. If one or both of these TLs are 
replaced with CRLH TLs, a new type of coupler, namely MTM coupled-line coupler is 
obtained. Unlike conventional couplers, in which only weak coupling could be 
achieved
21
, arbitrarily tight coupling level (≈ 0dB) has been reported in the tight edge-
coupled CLCs [4.43].  
 
 
 
 
 
 
 
 
 
Figure 4.34. Geometry and ports designation of a general (edge-coupled) CLC [4.43].  
In general, coupled-line couplers have been studied from two main perspectives: one, 
from the analysis of even and odd mode characteristic impedances, and the other, from 
even and odd mode phase velocities viewpoint. Perhaps the first point to consider when 
determining the type of adopted method of analysis is the symmetry of the coupled 
transmission lines. As a rule of thumb, if the coupled lines are symmetrical, impedance 
coupling is used, and if they are asymmetrical, phase coupling is employed to analyse 
the coupling. There may be cases where relatively large spacing s/λ exist between the 
symmetrical coupled-lines, resulting in equal even and odd mode characteristic 
impedances, i.e. Zce = Zco. In such cases, impedance coupling is suppressed. 
Consequently, to establish an alternative form of coupling, phase velocities of the two 
coupled lines must become unequal. This can be done by using non-TEM or quasi-TEM 
coupled lines, such as microstrip lines. Therefore, one can say that in coupled microstrip 
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lines that are in close proximity (with small spacing), both impedance coupling and 
phase coupling can be employed. Similarly, thanks to phase coupling, quasi-TEM or in 
general non-TEM TLs can be used to form coupled-line couplers that are spaced 
reasonably away from each other. In other words, practical symmetric CLCs are strictly 
speaking both impedance and a phase couplers since both share a qualitatively identical 
configuration [4.43]. Eventually, quantitative judgements based on the interspacing s/λ 
and degree of TEM nature, determine the choice. Having said that, “phase couplers are 
almost exclusively used in optics, whereas impedance couplers are almost exclusively 
used in microwaves” [4.43].  
It can, therefore, be said that depending on the nature of TLs
22
 and the interspacing 
between them, essentially two types of edge-coupled CLCs are present, which are based 
on fundamentally different principles. The first CLC, has a symmetric structure with 
two identical CRLH TLs. Impedance coupling (IC) is the coupling mechanism used in 
this structure, which is based on the difference between even and odd mode 
characteristic impedances. The second CLC, however, has an asymmetric structure 
constituted of two different TLs; one conventional purely RH TL and the other, CRLH 
TL. This structure is referred to as a phase coupler (PC) as it operates based on 
difference between phase velocities of c and π modes [4.20, 4.43]. These coupling 
mechanisms are briefly discussed below.  
4.5.1 TEM and Quasi-TEM Symmetric Coupled-Line Structures with 
Small Interspacing: Impedance Coupling (IC) 
In TEM-mode (and conditional
23
 quasi-TEM mode) symmetric coupled-line structures, 
the even and odd TLs necessarily exhibit equal phase velocities and therefore the same 
propagation constant βe = βo = β [4.20, 4.43]. However, this is not the case in non-TEM 
coupled-lines. In fact, according to the study of conventional CLCs in Section 4.3.2 and 
based on (4.39), the coupling between TEM-mode TLs (S31 in Figure 4.34) via the 
coupling factor k, depends only on even and odd mode characteristic impedances Zce 
and Zco.  
ce co
ce co
Z Z
k
Z Z



      (4.39) 
                                                          
22
 i.e. whether one or both of the coupled-lines are replaced with CRLH TLs.  
23
 Under the condition of weak coupling, where the approximation βe ≈ βo can be made.  
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It can be deduced from (4.39) that high coupling level requires strong contrast between 
Zce and Zco. Similarly, it can be understood from (4.40) and Figure 4.35 that the contrast 
between Zce and Zco can only be controlled through the relationship between the edge-
capacitors Cʹedge and parallel-plate capacitances CʹPP of even and odd mode equivalent 
circuits models
24
. In other words, the spacing s between TL conductors which 
determines the value of Cʹedge (in Figure 4.35b), can be adjusted in its relationship with 
CʹPP, to control the even and odd mode characteristic impedances. 
c ce coZ Z Z       (4.40a) 
ce
e PP
L L
Z
C C
 
 
 
     (4.40b) 
2
co
o PP edge
L L
Z
C C C
 
 
  
     (4.40c) 
 
 
 
      (a)         (b) 
Figure 4.35. Equivalent circuit models of (a) even mode and (b) odd mode coupled-line structures; where 
primes denote per-unit-length effective capacitances [4.43].   
Having said that, it has been highlighted on many occasions that, fabrication constraints 
often make it difficult or at times impossible to realise practical structures with strong 
contrast between Zce and Zco. More specifically, high level of coupling can only be 
achieved when the minimum spacing s/λ is impractically small. Therefore, coupling 
levels of higher than 10dB are often difficult to achieve with conventional couplers, 
which limits their applications, despite their attractive feature of relatively broad 
bandwidth [4.43].  
4.5.2 Non-TEM Symmetric Coupled-Line Structures with Relatively 
Large Spacing: Phase Coupling (PC) 
It was mentioned that very small spacing is required for a significant impedance 
coupling CZ = S31. It was also pointed out that if large spacing exists between the 
                                                          
24
 Zce / Zco = (CʹPP + Cʹedge) / CʹPP.  
CʹPP,2 CʹPP,1 
2Cʹedge 2Cʹedge 
CʹPP,1 CʹPP,1 
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coupled lines Cʹedge becomes negligible compared to CʹPP. This means that according to 
(4.40), Zce and Zco become equal, which results in k = CZ,max = 0 based on (4.39). If the 
TLs are TEM, then even and odd mode phase velocities (hence propagation constants) 
are also equal, which suggests that no form of coupling exists and all the power is 
transferred to port two – the through port (from S21 relation in Table 4.7. Therefore, to 
establish some form of coupling while keeping the same coupled-line structure, it is in 
one‟s favour to allow some degree of non-TEM nature (say by employing quasi-TEM 
TLs) to give way to different even and odd mode phase velocities βe, and βo. As such, a 
phase coupler (or so called forward-wave coupler) is constructed in which coupling 
depends on the difference between βe, and βo. A summary of the relations used to 
describe the coupling mechanisms of symmetrical and asymmetrical CLCs is presented 
in Table 4.7. 
Table 4.7. A summary of the relations used to describe Impedance Coupling and Phase Coupling 
mechanisms [4.43].  
TEM and quasi-TEM Symmetric CLC 
with small spacing 
Non-TEM Symmetric CLC with 
relatively large spacing 
S-Parameters: 
Return loss: 11 0S   
2
21
2
1
1 cos sin
k
S
k j 


 
 
31
2
sin
1 cos sin
z
jk
S C
k j

 
 
 
 
41 0S   
S-Parameters: 
Return loss: 11 0S   
 
 
2
21 cos
2
j le o
e o l
S e
 
 
 
 
  
 
 
31 0S   
 
 
2
41 sin
2
j le o
e o l
S je C
 

 
 
 
   
 
 
CZ: IC coupling coefficient  
 , 10 3120logZ dBC S   
Cϕ: PC coupling coefficient 
S41 = Cϕ 
Insertion loss:  
 10 4120logdBI S  → ∞ 
Port 3 (which was coupled port in IC) is the 
isolated port in PC.  
Port 4 (which was isolated port in IC) is the 
coupled port here. 
Directivity: 
 13 1420logdB dB dBD I C S S   → ∞ 
Directivity reduces in non-perfectly TEM (e.g. 
quasi-TEM) IC when difference between 
even/odd phase velocities increase.  
Through and coupled ports are in quadrature, 
irrespective of electrical length θ.  
Through and coupled ports are in phase 
quadrature. 
IC couplers are called backward-wave couplers.  PC couplers are called forward-wave 
couplers.  
Maximum IC coupling (with shortest θ) occurs Complete power transfer from input to 
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when θ = π/2 or l = λ/4 → CZ,max = k coupled ports (|Cϕ|=1) can be achieved if 
coupler length - or so called coherence length 
- (shortest length) is:  
0
2e o ee eo
l

   
 
 
 
Main limitation: minimum attainable spacing 
between the two coupled lines.  
Main limitation: relatively small difference 
between even and odd mode velocities in 
microwave structures. 
Quasi-TEM 
sin sin
sin sin
ce e co o
c ce co
ce o co e
Z Z
Z Z Z
Z Z
 
 
 
  
 
,   
0
1 2
2 2
ee eo
e o l
 
  


    
e el  , o ol  , 11 0S   is still achievable, 41 0S   isolation cannot be perfect due to 
unbalanced even/odd modes velocities. 
 
According to [4.43], in practical microwave structures, “the difference between even 
and odd mode phase velocities are relatively small”, and as such, based on the S41 = Cϕ 
relation in Table 4.7, excessively large structure length is required to achieve good 
coupling. This has made phase couplers not much practical in microwave structures.  
4.5.3 Asymmetric Coupled-Line Structures 
An asymmetric coupled-line structure can be formed when different constituent 
transmission lines are employed in a CLC structure. Asymmetric CLCs have been 
reported to provide broader bandwidth than their symmetric counterparts [4.43]. Also, 
both impedance coupling and phase coupling are possible with asymmetric couplers. 
However, such CLC can no longer be analysed using even and odd modes and as such, 
two fundamentally different modes of c and π can be used instead [4.20]. As described 
in [4.43], six quantities (three parameters in each mode) can be used to fully 
characterise the most general case of a non-TEM asymmetric CLC. These quantities 
include: two complex propagation constants γc, γπ, two complex characteristic 
impedances of one of the two lines in the presence of the other, Zc,c1 (or Zc,c2) and Zc,π1 
(or Zc,π2), and two voltage ratios between one line and the other, Rc and Rπ. The 
relationships between these quantities and coupled-line scattering parameters for 
asymmetric CLCs have been presented in [4.43].  
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4.5.4 Advantages of MTM Couplers 
Coupled-line-couplers have been designed and optimised to provide broader bandwidths 
and higher coupling levels. However, most CLCs are capable of providing only one at a 
time. For instance, conventional CLCs exhibit broad bandwidth (> 25%) but achieve 
only loose coupling levels (< 10dB)
25
. Branch line couplers can naturally achieve tight 
coupling (3dB) but suffer poor bandwidth (< 10%) [4.44-4.47]. Lange couplers have 
proved promising as they can provide both broad bandwidth and tight coupling [4.48-
4.49]. However, lange couplers suffer from bulky bonding wires and their associated 
parasitic effects at high frequencies. The CRLH couplers (in both IC and PC forms) 
have shown to be by far the most promising planar alternatives to the previous CLCs, as 
these novel couplers can provide arbitrarily tight coupling (≈ 0dB!) over a broad 
bandwidth, as illustrated in [4.50 – 4.51].  
4.5.5 Symmetric CRLH Impedance Couplers 
Replacing the coupled transmission lines of Figure 4.35 with two identical CRLH TLs, 
a symmetrical CRLH IC edge-coupled CLC can be obtained and shown in Figure 4.36. 
If as mentioned, at microwave frequencies, even and odd propagation constants of the 
quasi-TEM CLC structure of Figure 4.36 are considered approximately equal, phase 
coupling can be neglected and only impedance coupling can be used. However, it must 
be noted that the CRLH IC mechanism is significantly different to the IC of 
conventional CLCs.  
 
Figure 4.36. A 3-dB (3-cell) backward “impedance” edge-coupled directional coupler; port 1: input, port 
2: through, port 3: coupled, and port 4: isolated [4.45].  
                                                          
25
 This is the case in edge-coupled CLCs. Broadside CLCs can provide higher coupling though they are 
non-planar.  
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Figure 4.37 presents the equivalent circuit model for a unit-cell IC CRLH coupler, with 
its corresponding fictitious even and odd mode TL models. In the figure, LR → LR + 2Lm 
= LRe for even mode, and CR → CR + 2Cm = CRo for odd mode; where Lm and Cm are the 
mutual inductance and coupling capacitance, respectively.  
 
 
 
 
 
 
 
 
 
 
Figure 4.37. Equivalent circuit model for the unit-cell of an IC CRLH coupler [4.43]. 
From equation of the CRLH characteristic impedance (presented in Chapter 2), even 
and odd characteristic impedances Zci (i = e, o) can be found to be:  
2
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
     (4.41b) 
And even and odd complex propagation constants γi = αi + jβi for Zci (i = e, o), can be 
obtained to be:  
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  (4.42b) 
Again, in quasi-TEM (or TEM) propagations, γe ≈ γo may be assumed. Similarly, even 
and odd series/shunt resonance frequencies can be given by: 
, ,
Re
1 1
se e sh e
L L R
and
L C L C
       (4.43a) 
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       (4.43b) 
For an unbalanced case, the even/odd maximum attenuation frequency ω0 can be given 
as: 
0
4
Re
1
e
R L LL C L C
        (4.44a) 
0
4
1
o
R Ro L LL C L C
        (4.44b) 
Analysis of transmission responses of CRLH IC coupled lines reveals that the even/odd 
S-parameters of the CRLH CLCs are qualitatively identical to S-parameters of simple 
CRLH TLs, as they correspond to similar equations [4.43]. However, despite assuming 
balanced CRLH unit-cell TLs, the even/odd TLs become unbalanced due to the 
introduction of modified parameters LRe and CRo. The unbalanced nature gives rise to 
the gap in transmission, and an imaginary characteristic impedance in the stopband.  
Similar to the previously described coupled-line structures, input matching condition in 
CRLH IC CLCs is satisfied when c ce coZ Z Z . If using (4.41), the magnitudes of 
even/odd characteristic impedances |Zce| and |Zco| and their products for symmetric 
coupled CRLH TLs are plotted against frequency in Figure 4.38, it becomes evident that 
Zc remains constant (and equal to Z0) over a relatively broad matching frequency range.  
 
 
 
 
 
 
 
 
Figure 4.38. An example of circuit simulated magnitudes of even/odd characteristic impedances for a 
CRLH IC coupler [4.45].  
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It is also interesting to note that the graphs of even/odd modes of the CRLH coupled 
TLs produce a gap in which the matching condition (mentioned above) can be satisfied. 
In conventional cases, due to PRH nature of TLs, such gaps do not exist. The frequency 
at which these two curves intersect, i.e. where |Zce| = |Zco|, is derived from (4.41) to be: 
 
m L L m
eq
L L R m m R m m
L C L C
L C L C L C L C



 
    (4.45) 
from which one may deduce: 
eq ce coZ Z 
    
   
    
     (4.46) 
 The generalised IC coupling coefficient of the coupled CRLH TLs and directivity, 
respectively, can be given as:  
   
   31
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Z Z j l
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Z Z Z j l
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 
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   (4.47) 
41, 31,dB dB dB dB dBD I C S S        (4.48) 
where IdB and CdB have been defined above.  
Further analysis of the symmetric CRLH CLC reveals that complete IC backward 
coupling can be achieved if α > 1 (i.e. at ωeq). Consequently, it is possible to achieve 
any degree of coupling by reducing αl, either from reduction in number of cells, or by 
increasing the line interspacing. It is more promising to note that arbitrary coupling 
level is not obtained at the expense of bandwidth reduction [4.43]. Such analysis proved 
the great benefits that CRLH coupling can bring.  
Scattering parameters for a CRLH IC coupler can be given as: 
11 11
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It is noticed that CRLH IC couplers ensure simultaneous presence of (ideally) complete 
„backward coupling‟ (within a specific frequency range), and „through coupling‟ (within 
another particular frequency range – normally before the frequency range of backward 
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coupling). If designed carefully, this dual-band/dual-mode operation of the CRLH 
CLCs can be used to control the passbands and extend the bandwidth. In addition, the 
dispersive nature of CRLH TLs means that the smaller CLC sizes (e.g. an order of 
magnitude) can also be ensured. It has also been reported that for complete IC coupling, 
the following double conditions must be satisfied [4.43].  
11 11 1e oS S   and    11 11 180e oS S      (4.50) 
Lastly, the length of the coupler can be reduced by reducing the spacing s, and 
controlling the LC loadings. A comparative plot of the coupling levels achieved by 
conventional CLCs and CRLH CLCs, for various spacing values is presented in Figure 
4.39. It is evident from the figure that with CRLH couplers, from 10dB to 25dB 
coupling enhancement has been achieved, with an increasing line spacing. The 
importance of such benefits will become more apparent in filter designs of the next 
chapter(s).  
 
 
 
 
 
 
 
 
 
 
 
Figure 4.39. Comparison of coupling levels for conventional and CRLH couplers (on the same substrate) 
for different spacing values [4.43].  
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4.6 Conclusion 
This chapter was presented in an attempt to provide a comprehensive study of filter 
theories and the methods that have been implemented in filter design, to lay a 
foundation for design of both RH and CRLH RF microwave filters. In doing so, 
particular attention was paid to the coupled lines and coupled resonators that have 
reportedly allocated a large portion of the research in filter design to themselves; and 
subsequently constitute the main body of the proposed bandpass filters. Since the 
theories that were reviewed in this chapter had already been discussed in details in 
available textbooks, the emphasis here has been placed on systematic classification of 
the methods that have been implemented in bandpass filter design. Perhaps more 
importantly, synthesis and analysis of bandpass filter design were presented 
simultaneously and the stages and tools involved in such designs were identified, and 
eventually implemented to form a bandpass filter. Metamaterial left-handedness will be 
applied to this filter in the next chapter, but following are the conclusions that were 
drawn from this chapter: 
 Filters are two-port networks that are used to control frequency response in a 
system. In other words, they are used to separate or combine (hence select or 
confine) desired frequencies of the electromagnetic spectrum. Filters are in 
general classified into three main groups of active, passive and hybrid, each of 
which has its advantages. In this research, passive filters are characterised and 
designed in the form of transmission lines. Expected filter responses include 
lowpass, highpass, bandpass and bandstop, which can be analysed using well-
known filter parameters and definitions of: bandwidth BW (and fractional BW), 
ripple, insertion loss, return loss, selectivity, ultimate attenuation, degree (order) 
quality factor Q, group delay, and so on. 
 S, Z, Y, and ABCD parameters have been interchangeably used to ease the 
analysis of multi-port networks (e.g., couplers, and filters) at RF and microwave 
frequencies. These parameters are generally defined as a ratio of incident and 
reflected wave variables at each port (terminal), and together with other 
definitions make the characterisation of complex networks possible at any point. 
 Periodic structures are generally referred to as the transmission lines that have 
been loaded periodically with reactive elements, often in the form of 
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discontinuities in the line. These structures are important since most networks 
are in some way periodic structures with re-occurrences in their response at 
certain frequency points. Periodic structures also have filter-like behaviour as 
they have regions of stopband and passband in their frequency response. 
 T and π equivalent networks are used to model short sections of transmission 
lines. Image parameters (image impedance) and their relationship with other 
parameters (i.e. Z, Y, ABCD) are utilised in the analysis of circuits using T and π 
networks.  
 Filters have been generally designed using two main approaches of image 
parameter method (IPM) and insertion loss method (ILM).  
 IPM is relatively simple as it borrows the concept of periodic structures in 
designing a two-port network for given specifications (fc and attenuation 
characteristics). It uses image impedances to design the network and therefore, is 
limited in providing arbitrary frequency response, calling for an iterative 
process. Constant-k and m-derived filter sections are the two immediate tools of 
IPM, utilising image impedances Zi. The former poses matching problems 
(source and load) to the network as it cannot provide a constant Zi at its ports, 
and it also suffers from a relatively low attenuation past its cut-off frequency. 
The m-derived filter section, which is in fact modified constant-k, is capable of 
creating attenuation poles just after the cut-off frequency ωc; though does not 
possess good attenuation rate at frequencies higher than ωc. It also suffers from 
the matching problem. Although composite filters have been introduced to 
overcome these problems, there has been no clear way of improvement of filters 
using IPM.  
 ILM uses adjustable predefined functions (that are based on power loss ratio) 
and the available synthesis techniques in the filter design to obtain desired 
responses; and as such, provides much higher design flexibility and permits 
higher degree of control over amplitude and phase characteristics of filter. In 
other words, in this method lowpass filter prototypes are adopted, frequency and 
impedance scaled, and converted to the filter of interest with exact 
specifications. The resulting networks are then cascaded to form higher order 
filters. In addition, higher filter orders can always be used for performance 
improvement. 
CHAPTER 4. FILTER THEORY AND DESIGN  183 
 
 It is noted that IPM and ILM produce lumped-element circuits, and therefore 
cannot be directly applied to microwave filters. Therefore, methods including 
Richard‟s transformations and Kuroda identities have been employed to 
approximate lumped element capacitors and inductors, and the distance between 
elements by distributed components at such frequencies. Richard‟s 
transformation includes replacement of an inductor with short-circuited stub and 
a capacitor with open-circuited stub with appropriate electrical characteristics. 
Kuroda identities are also used to introduce extra TL sections (i.e. the unit-
elements) to provide physical separation between TL stubs, transformation of 
series stubs into shunt stubs, and/or vice versa and therefore help formation of 
more realisable characteristic impedances.  
 Immitance inverters are alternatives to Kuroda‟s identities for bandpass and 
bandstop filters of narrow (less than 10%) bandwidths. Inverters are used to 
produce inverse of their load impedance or admittance, and can be considered as 
means of transformation between series and shunt elements. They are often 
modelled using TL sections of λ/4 long, combination of TLs and reactive 
elements, and capacitive networks.  
 Study of filter design and implementation reveals that, although microwave 
distributed-element filters and lumped-element filters share the same theories 
and design concepts, they are different in their practical implementation. The 
difference lies in the fact that with the introduction of distributed elements in 
filter circuit, particular interactions (e.g. coupling, etc.) occur between TLs that 
cannot be explicitly described. Therefore as indicated, translations have to be 
made between lumped and distributed design techniques. In other words, 
lumped-elements are not used in microwave filter circuits, but these filters are 
often synthesised using lumped-elements. For instance, stepped impedance (or 
hi-Z, low-Z) lowpass filters are made using distributed-element inductance and 
capacitance, represented by short sections of thin high impedance and thick low 
impedance TLs, respectively. Yet, these filters are synthesised in the same way 
as lumped-element lowpass filters.   
 Coupling is one of the most widely used techniques in filter design. In fact, 
almost all of the reports on filter design, particularly those using resonators, have 
shown the use of coupling at some stage of design. Although various names 
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have probably been adopted to show different couplings mechanisms, there 
exists in general, three main types of coupling namely inductive, capacitive and 
electromagnetic coupling, which have been presented through different 
realisations (e.g. λ/4 TL, rings, gap, etc.).  
 Coupled lines are formed by placing TL conductors in close proximity in either 
edge-coupled or broad-side configurations. Coupled lines are analysed using 
even and odd modes for both electrical length and characteristic impedance. 
Even and odd mode phase velocities are unequal in quasi-TEM TLs which is 
expected to degrade the directivity of the coupler; though they can be considered 
equal as long as coupling strength is not affected. Unequal phase velocities are 
the result of higher effective dielectric constant εeff in the even mode, as this 
mode has less fringing fields in the air.  
 The degree of coupling and the power transfer depends not only on even and odd 
mode characteristic impedances, but on electrical length of the lines. At θ << 
π/2, maximum power transfer (coupling: zero) is achieved, whereas at θ = π/2, 
the coupling is at its maximum (power transfer: minimum). The coupler is often 
designed to have small size and minimum line loss to ensure to that it operates at 
its first coupling maximum. Also, a phase shift of 90˚ is also observed between 
coupled and through voltages. Moreover, tight coupling is very difficult to 
realise in conventional TLs as extremely small gaps have to be used (which is 
not very practical).  
 Numerous types of filters have been designed using parallel coupled lines. These 
filters are often realised through a cascade of coupled-lines or resonators. In 
other words, in most cases, resonators are employed directly or indirectly in 
design of bandpass or bandstop filters. It is noticed that bandwidth of coupled-
line filters is often about 20%, which is mainly limited by the degree of coupling 
that can be achieved using these lines. It is also worth mentioning that although 
single section coupled-lines may not be of interest on their own, they are often 
placed in cascade to form desired bandpass or bandstop filters. 
 Theoretical and numerical methods in the literature have verified that a single 
coupled line-section can be approximately modelled using two transmission line 
sections added on both ends of an inverter. When coupled-lines are placed in 
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cascade, the TLs in between form parallel LC resonators which are used to form 
bandpass (or bandstop) filters.  
 Resonators can also be coupled to form bandpass or bandstop filters. In 
particular, if TLs are loaded with shunt short- or open-circuited λ/4 long TL 
stubs, then bandpass and bandstop filters are formed, respectively. Of course, as 
mentioned above, the coupling can be of the form of capacitive, inductive or 
electromagnetic, or realised through λ/4 long TLs. The coupled resonator filters 
are more compact and easier to design compared to coupled-line filters; but 
require characteristic impedances that are often difficult to realise using 
conventional lines. Aside from the choice of coupling, generally two types of 
coupling are used in filter design: interstage coupling between resonators (often 
achieved by small gap capacitances) and input and output couplings (realised by 
large capacitance, e.g. IDC, or inductance). In filter synthesis, these coupling 
capacitors or inductors are modified and replaced with appropriate inverters. 
These inverters, as mentioned, are employed to convert alternate shunt 
resonators to series resonators, and vice versa. In coupled-resonator BPF design, 
resonators and couplings are fine tuned (optimised – often for the length of 
consecutive resonators) to compensate for the effects that coupling has on the 
downward shift of frequency. In doing so, use of variable reactances at the 
appropriate ends of resonators has also been observed.  
 Stepped impedance resonators (SIR) proved to have the potential for 
miniaturisation and the capability of controlling spurious frequencies by design, 
and therefore, have been employed as the constitutive resonators of the proposed 
bandpass filter. Being a resonator, SIRs will have the same resonating effect as 
uniform impedance resonators (UIR), and the resulting SIR BPF can, more or 
less, be synthesised in a similar manner. Of course, details will be different 
depending on the exact structure.  
 It is noted that with careful positioning of SIRs and applying proper techniques 
(e.g. tapping), improved coupling (often in the form of electromagnetic 
coupling) can be achieved. Though, with complex structure, analysis (or 
synthesis) of such filters become difficult.  
 Due to the geometry and configuration of SIRs, coupling between SIRs reported 
to be different than UIRs, though both can be analysed using the same electrical 
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parameters. The difference is in the existence of an anomalous region for 
coupled SIRs, where the coupling coefficient increases with an increase in 
spacing between SIRs. Such increase occurs for an increase in dielectric 
permittivity εr, and a decrease in conductor width ratios W2/W1; providing 
flexibility for achieving different coupling levels with a wider range of 
distances. Extra degree of coupling means that attenuation poles (∞) can be 
generated on either side of the passband according to the desired pole frequency.  
 It becomes abundantly clear from the literature review that almost all of the 
bandpass filters that employed resonators, implemented coupling (input/output 
coupling and/or interstage coupling between resonators) at some stage of design. 
This is mainly due to the fact that resonators in this context are often used to 
create infinite input impedance, and therefore transmission zeros, at their 
resonance frequency in BPF. Transmission zeros are often created by placing a 
parallel resonant circuit in series connection, and placing a series resonant circuit 
in shunt connection. Coupling is also used to mainly control the passband in 
addition to controlling the position of transmission zeros (i.e. the pole of 
frequency) on either side of passband in the frequency axis. Also, thanks to the 
inverters, resonant circuits are effectively used in alternates to produce the 
passband.  
 Having considered the above, a bandpass filter are designed using two shot-
circuited λ/4 transmission line resonators that are connected on their short-
circuited point using a via inductor; the shorted via is adjusted to act as an 
inverter. Inductive interstage coupling and gap-capacitive input and output 
coupling are also realised. To improve the coupling of the filter and 
simultaneously save space, the resonators are folded (bended) to a hairpin shape 
from the shorting point towards each other. It is evident that with the increase in 
the overall coupling of the structure, two distinct transmission zeros have 
emerged. Examinations of different values for gap sizes between the resonators 
show that coupling also affects the position of the transmission zeros, 
particularly on the upper side of the passband. The direct (imminent) effect of 
the change in coupling is on the passband, as under-coupling, and over-coupling 
phenomena can change the passband shape.  
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 The UIRs are replaced with SIRs in an attempt to produce a smaller two-staged 
filter design and to provide higher degree of flexibility for further control of the 
filter response, through increased coupling. The structure and operation of a 
combline BPF can be used to explain the size reduction in the resonator. In the 
SIR BPF, coupling (especially between resonators) is also increased as internal 
coupling is introduced, thanks to the layout of the SIRs. The quasi-elliptic 
response of the filter is attributed to the cross-coupling between the input and 
output, which has improved the roll-off sharpness and selectivity of the filter. It 
can also be seen that the SIR filter has introduced a third transmission zero after 
the passband, which is really helpful for extending the spurious-free stopband of 
the filter.  
 Coupled-line couplers (CLCs) have been qualitatively reviewed and analysed 
based on coupled-line symmetry, and impedance coupling and phase coupling 
mechanisms. For symmetric coupled-line structures, the following summary is 
presented (taken directly from [4.43]): (i) if s/λ is very small (Zce/Zco large) and 
the structure is perfectly TEM (βe = βo), a (backward-wave) impedance coupler 
(IC) is obtained, with coupling CZ = S31 infinite isolation (S41 = 0). (ii) if s/λ is 
very small (Zce/Zco large) but the structure is only quasi-TEM (βe ≈ βo), we still 
have a (backward-wave) impedance coupler, but isolation and therefore 
directivity are not infinite; as the degree of non-TEM nature increases, 
directivity decreases. (iii) If s/λ is relatively large (Zce/Zco ≈ 1) and the structure 
is not perfectly TEM (βe ≠ βo), but either quasi-TEM (βe ≈ βo) or strongly non-
TEM (βe ≠ βo), a (forward-wave) phase coupler is obtained, with Cϕ = S41, and 
theoretically possible infinite isolation (S31 = 0) and directivity. (iv) a practical 
symmetric CLC is strictly speaking both an impedance and a phase coupler since 
both types of couplers share a qualitatively identical configuration. What 
determines whether the structure is more of the former or of the latter category is 
only quantitative, depending on the interspacing s/λ and degree of TEM nature.  
 In the next chapter, the concept is extended to design composite right/left-
handed stepped impedance resonator bandpass filters in order to achieve much 
smaller size and a wider extended spurious-free stopband.  
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Chapter 5 
Metamaterial Stepped Impedance Resonator 
Bandpass Filters 
5.1 Introduction 
It was verified in previous chapters that in RF circuit applications, left-handed 
metamaterials (LH MTMs) can significantly reduce the size of passive components, 
without scarifying circuit performance, due to their dispersive phase properties [5.1-
5.5]. In fact, it was observed that in some of the cases the circuit performance can also 
be significantly enhanced. It also became evident that in the planar technology, many 
implementations of conventional SIR filters and also metamaterial filters have been 
presented in different research works [5.2-5.8, 5.9-5.11]. However, composite right/left-
handed (CRLH) SIR Filters have not been reported to the best of author’ knowledge. 
Therefore, further study has been carried out in this chapter to propose and develop 
novel bandpass filters (BPF) that can significantly reduce the size while maintaining the 
integrity of the filter performance.  
Indeed, this work builds upon the original works on CRLH SIR realisation in [5.12-
5.14] to investigate and propose filters that employ coupled-line λg/4-type CRLH SIRs. 
Each SIR consists of two CRLH unit-cells of different characteristic impedance Zi, and 
electrical length θi, as shown in Figure 5.1. Details on design, validation and 
characterisation of the CRLH SIR bandpass filters, as well as their lumped-element 
equivalent circuit model, are presented in the next sections, where the proposed CRLH 
SIR BPFs are also compared to their conventional (RH) counterpart, and the superior 
filter size and performance is distinguished. Finally, the conclusions are drawn and 
presented in Section 5.3.   
 
CHAPTER 5.  METAMATERIAL SIR BANDPASS FILTERS 189 
 
5.2 Quarter-Wavelength-type CRLH SIR BPF 
It was mentioned that the CRLH SIR was first proposed in [5.12]. The design was later 
improved in both size and performance [5.13-5.14]. Design and analysis of this type of 
SIR has been extensively presented in Chapter 3; however, the gist of the SIR analysis 
is presented here for completeness.  
5.2.1 Overview of Resonance Properties of the λg/4-type CRLH SIR 
A λg/4-type short-circuited CRLH SIR is implemented in the BPF design, the layout of 
which is shown in Figure 5.1. 
 
 
 
 
Figure 5.1. The layout of a short-circuited two-section λg/4-type CRLH SIR.  
Since the general (main) design concept of both RH and CRLH SIRs are the same, 
similar resonant circuit topologies (i.e. parallel RLC) can be used in both. In addition, to 
ensure that the effective homogeneity condition is satisfied [5.2], the longest length of 
the unit-cell is set to be 3.742 mm, being less than λg/12 at the centre frequency of the 
filter.     
From (3.1), the input impedance Zin, ignoring the influences of step discontinuity and 
edge capacitance, can be expressed as:  
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, LR1,2 (H/m) are the parasitic 
RH per-unit-length inductances and CL1,2 (F.m) the LH times-unit-length capacitances. 
Similarly, CR1,2 (F/m) are the RH per-unit-length capacitances and LL1,2 (H.m) the LH 
times-unit-length inductances.  
Also, at parallel resonance, Zin = ∞, one has: 
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where RZ = Z2/Z1. 
 
And the overall electrical length, θTA, can be expressed as:  
 1 2 1
1
1tan tanTA ZR    

          
Therefore, for a pure LH SIR, one has:  
   2 1 2 1Z L L L LR L C C L         
5.2.2 Coupling between CRLH λg/4-type SIRs 
A bandpass filter (BPF) can be designed if two or more SIRs are electromagnetically 
coupled together [5.15], as illustrated in Figure 5.2. Such circuits can be analysed by 
even- and odd-mode impedances Z0e, Z0o and coupled-line lengths θ1 and θ2. Detailed 
analysis of the CRLH SIR coupling is presented in Section 5.2.4 of this chapter.   
 
 
 
 
 
 
 
 
Figure 5.2. λg/4-type CRLH  SIR coupled-lines. C1 and C2 represent the couplings between higher and 
lower impedance sections, respectively. 
5.2.3 CRLH SIR BPF with Extended Spurious-Free Stopband 
A BPF has been designed using the λg/4-type CRLH SIR coupled lines of previous 
section. The BPF is designed to operate at 2.75 GHz, with an emphasis on extending the 
spurious-free stopband to about 4×f0, while maintaining the integrity of filter 
performance.  
The proposed CRLH SIR filter consists of two λg/4-type balanced CRLH SIR coupled-
lines, each of which has two-sections of CRLH TLs of different impedances. Each 
section was designed to have only one unit-cell formed of microstrip line loaded by 
series interdigital capacitors and shunt stub inductors. The CRLH SIR coupled-lines are 
separated by non-uniform distances g1 and g2. Also in this filter, the high-impedance 
θ1 
θ2 
c1 
c2 
Coupled-
lines 2 
(Z0e2, Z0o2) 
Coupled-
lines 1 
(Z0e1, Z0o1) 
 O/P  I/P 
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sections of the CRLH SIRs are connected at a point where they are shorted by a metalic 
via to the ground. The shorting via can be represented by a grounded shunt inductor 
which acts as an impedance inverter [5.16]. Details of the geometrical parameters and 
layout of the filter are shown in Figure 5.3. The electrical parameters for this design are 
as follows:  
Z1 = 48 Ω, θ1 = 42°, and Z2 = 40 Ω, θ2 = 42°. 
     
   (a)           (b) 
Figure 5.3. (a) Photograph, and (b) configuration and layout of the λg/4-type CRLH SIR BPF; where: a1 = 
1.909mm, a2 = 1.527mm, s1 = 1.272mm, s2 = 1.018mm, g1 = 3.5mm, g2 = 2.2mm, ws1 = 1.018mm, ws2 = 
1.323mm, via radiuses = 0.125mm.  
The CRLH SIR BPF has been fabricated on RT/Duroid 5880 substrate with dielectric 
constant εr = 2.2, loss tangent Tanδ = 0.0009, and substrate thickness h = 1.57mm. A 
photograph of one of the fabricated filters is depicted in Fig. 5.3(a). 
The condition for determining the fundamental resonant frequency of an SIR was given 
in Equation (3.1). If both electrical lengths are kept equal (i.e. θ1 = θ2), then at 
fundamental resonant frequency:  
1 2 arctan ZR        (5.1) 
For a λg/4-type SIR, the electrical length is (π – θ0) at the first spurious frequency. 
Consequently, the ratio of the first spurious to the fundamental resonant frequency is 
[5.1] 
I/P O/P 
 g2 
s2 
s1 
ws2 
 g1 a1 
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where fs1 is the first spurious frequency and f0 is the fundamental resonant frequency. 
It means that the stopband width can be adjusted by the impedance ratio, RZ. In RH 
SIRs, it is difficult to fabricate microstrip lines with very small or large characteristic 
impedances. Therefore, very small RZ cannot be realised with conventional LTs; and 
subsequently, the first spurious frequency cannot be pushed very high. However, thanks 
to the number of parameters involved in the CRLH SIR design, extremely small values 
of RZ are also possible, resulting in potential shift of the first spurious frequency to 
above (2n+1)f0, where n = 1,2,3,... [5.17].  
In order to verify the response, and visualise the benefits, of the novel CRLH SIR filter 
of Figure 5.3, its measurement results are compared against its simulation results, 
shown in Figure 5.4. The simulation response has been obtained using the 3D full-wave 
high frequency structure simulator, Ansoft HFSS
TM
 v.12.  
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Figure 5.4. Simulation and measurement results of the CRLH SIR filter of Figure 3(a).  
It is clearly evident that the filter not only performs very well in terms of both insertion 
loss (-2.609dB) and return loss (-21.489dB), but also is extremely efficient in extending 
the free-spurious stop-band, pushing the first spurious response to about 4 × f0.  
The RH counterpart of this CRLH SIR filter is also fabricated in an attempt to make a 
comparison between the two. The RH filter possesses exactly the same electrical 
parameters as the CRLH filter and is also fabricated on the same dielectric substrate, the 
photograph of which is shown in Figure 5.5.  
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Figure 5.5. Photograph of the fabricated RH SIR BPF.  
5.2.4 Miniaturised CRLH SIR Bandpass Filter 
As it was seen, the CRLH SIR BPF of Figure 5.3 was extremely efficient in extending 
the free-spurious stop-band (or suppressing the spurious frequencies) to around 11 GHz. 
However, its dimensions are notably large compared to its RH counterpart. Therefore, 
the need for a miniaturized SIR bandpass filter seemed inevitable. So, a second CRLH 
SIR filter is designed based on configuration similar to that of the previous section with 
the same electrical parameters.  
Thus, the proposed BPF consists of two symmetric λg/4-type balanced CRLH SIR 
coupled-lines, each of which has two-sections of CRLH TLs of different impedances. 
Each section was designed to have only one CRLH unit-cell formed of microstrip line 
loaded by series interdigital capacitors and shunt stub inductors, as shown in Figure 5.6. 
The CRLH SIR coupled-lines are separated by non-uniform distances g1 and g2, and 
connected at a point where they are shorted by a metalic via. The shorting via acts as an 
impedance inverter [5.16].  
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(a) 
 
 
 
 
 
 
 
 
 
(b) 
Figure 5.6. (a) Layout of the λg/4-type CRLH SIR BPF and (b) equivalent circuit model of the BPF.  
The basic idea behind structure and operational principle of the presented BPF comes 
from the single-section coupled strip lines to which suitable reactive elements are added 
[5.18]. It is known that single-section grounded coupled-lines produce an all-stop 
response. However, they can be made into band-pass filters by adding suitable reactive 
elements to their terminals. More specifically, if the high-impedance coupled-line 
section of Figure 5.6(a) is approximately considered to have an equivalent circuit of a 
symmetrical π composed of (series and shunt) reactive elements, then addition of series 
capacitances (to this π-network) produces a well-known type of bandpass filter [5.18]. 
The added series capacitances could be realised in the most common forms of 
interdigital or gap capacitors, using TL sections of appropriate dimensions. Of course, 
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in our presented CRLH BPF, the series capacitances are integral part of the CRLH line. 
Herein lies the advantage of using CRLH TLs for BPF realisation. By designing these 
TLs accurately and placing them in proper positions (from each other), a two-section 
coupled-line TL resonator (TLR) is obtained that benefits from a smaller resonator size, 
improved overall coupling and a more controllable circuit. Indeed, this is the principle 
behind operation of the conventional coupled SIR BPF proposed by Makimoto and 
Yamashita [5.1]. However, there are two fundamental differences: (a) the left-handed 
line can be much shorter and compact and (b) the coupling mechanism of the left-
handed coupled-lines is very different to that of microstrip lines, as explained below. 
The equivalent circuit model of the CRLH SIR BPF is shown in Figure 5.6(b). The 
validation of the model with measurement results is shown in Figure 5.14 and its 
extracted component values can be found in Table 5.1. It can be noted that CL2, Cm2, LL1 
and Lm1 are comparably larger in value than other parameters. This is in agreement with 
expectations, since electric coupling is dominant around IP/OP ends and magnetic 
coupling is dominant around the shorting via.  
Table 5.1. Design parameters for the CRLH SIR BPF; for centre frequency fc: 4.35GHz, Substrate used: 
RT/Duroid 5880, εr = 2.2, Tanδ = 0.0009, and h = 1.57mm.  
Electrical parameters Physical parameters (mm) 
Z1 = 48 Ω 
θ1 = 42° 
CL1 = 0.446 pF 
CR1 = 3.663 pF 
LL1 = 5.224 nH 
LR1 = 0.547 nH 
Cm1 = 0.05 pF 
Lm1 = 1.90 nH 
a1 = 0.238 
s1 = 0.149 
g1 = 0.9 
ws1 = 0.127 
lc1 = 1.444 
d1 = 2.718 
t1 = 0.812 
Z2 = 40 Ω 
θ2 = 42° 
CL2 = 2.970 pF 
CR2 = 0.693 pF 
LL2 = 0.348 nH 
LR2 = 0.746 nH 
Cm2 = 0.198 pF 
Lm2 = 0.001 nH 
Li = 0.0813 nH 
a2 = 0.190 
s2 = 0.119 
g2 = 0.28 
ws2 = 0.165 
lc2 = 0.877 
d2 = 1.457 
t2 = 1.143 
Via radiuses: 0.125mm, inverter via radius: 0.25mm, via cap length: 6a1 + 5s1 
 
It is recognised that the coupling mechanisms in the CRLH SIR BPF are very different 
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to conventional ones, in that they have the capability of arbitrarily tight coupling over a 
broad bandwidth due to backward wave propagations [5.2]. Therefore, the gaps between 
the lines must be carefully designed. In conventional line coupling, the narrower the gap 
between the lines, the tighter the coupling. In CRLH coupled-lines, however, critical 
coupling can occur at a narrower gap than that of over-coupling. This peculiar 
phenomenon is clearly observed in HFSS full-wave simulations of the coupled-line 
CRLH TLs, shown in Figure 5.7.  
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Figure 5.7. Effect of different gaps between unit-cell coupled CRLH TLs on transmission parameters.  
In order to verify this unusual coupling behaviour of the CRLH coupled-lines, 
conventional RH coupling is compared to the CRLH coupling for very simple uniform-
impedance coupled-line filters, shown below. More specifically, the effect of change in 
spacing between the coupled-lines on coupling mechanisms is examined
1
. It can be seen 
from Figure 5.8 that in conventional coupled-lines, very small g produces over-
coupling, which is observed in the form of two peaks in |S21| and two dips in |S11|. As 
the spacing increases, the over-coupling transitions to critical-coupling (around g = 
0.6mm), and at higher spacing (g > 0.95mm) under-coupling is observed.  
 
 
 
 
                                                          
1
 In simulations, “g” denotes the spacing or the gap between the coupled lines. 
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(d) 
Figure 5.8. The effect of different spacing values on the coupling behaivour and transmission and 
reflection parameters in a RH coupled-line filter, for (a)-(b) g = 0.05mm to 0.50mm, step: 0.05mm, and 
(c)-(d) g = 0. 5mm to 1.0mm, step: 0.05mm.  
In the CRLH coupled-lines though, a rather different response is observed. For gaps g, 
between 0.01-0.1mm, the coupling behaviour is just like the conventional cases, where:  
 For very small gaps (g: 0.01mm to 0.05mm), over-coupling occurs and two 
distinct passbands are observed at different frequencies,  
 As the gap increases, the two passbands merge into one, the point at which 
critical-coupling occurs; g: 0.0.06mm to 0.08mm,  
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 And at larger spacing (g: 0.09mm to 0.10mm), two CRLH TLs are said be to 
under-coupled.  
It is after this point that the unusual coupling behaviour occurs. More specifically, it can 
be seen from Figure 5.9 that at larger spacing values (e.g. g > 0.5mm) although one 
passband is observed in the |S21| response, two dips are evident in the |S11| response, 
which get further apart as g increases. In other words, there exists a strong degree of 
coupling between the CRLH coupled-lines even at larger gaps. This phenomenon can be 
used in the designer’s favour as it provides more degree of flexibility in the design. 
More figures showing the effect of different gap values on both RH and CRLH coupling 
behaviours are presented in Appendix 5.1.  
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(b) 
Figure 5.9. The effect of different spacing values on the coupling behaivour and transmission parameters 
in a CRLH coupled-line filter, for g = 0.5mm to 1mm, step: 0.05mm.  
Similar to the first case (Section 5.2.3), in order to verify the response and visualise the 
benefits of the novel CRLH SIR filter, its conventional (RH) λg/4-type SIR filter with 
exactly the same electrical parameters (Z1, Z2, θ1 and θ2) was also designed, shown in 
Figure 5.10, to hold a valid comparison between the two.  
 
 
 
 
 
Figure 5.10. Layout of the RH λg/4-type SIR BPF: w1 = 5.1195mm, w2 = 6.659mm, w3 = 5mm, w4 = 
4.787mm, c1 = 2.18mm, c2 = 1.373mm, c3 = 1.149mm, c4 = 0.18mm, l1 = 3.305mm, l2 = 8.869mm, z1 
=2.58mm, r1 = 2.4mm; AreaRH = 149.74 mm
2
, AreaCRLH = 31.19 mm
2
, Size reduction: 79.17%.  
Figure 5.11 shows the simulation responses of the two BPFs using the 3D full-wave 
high frequency simulator, Ansoft HFSS
TM
 v.13.  
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Figure 5.11. Comparison between simulation responses of the λg/4-type RH and CRLH SIR BPFs.   
It can be seen that for the same centre frequency (fc = 4.35 GHz) and fractional 
bandwidth (6.89%), both filters have good stop-band attenuation and return loss. It can 
also be noticed that the CRLH SIR filter has a larger attenuation and faster roll off at its 
lower transmission zero due to the stronger electromagnetic coupling whereas 
w4 
c1 
 c4 
z1 
r1 
w2 
l2 
 l1 
w1 
c2 
w3 
 c3 I/P O/P 
|S1 | CRLH im 
|S21| CRLH im 
|S11| RH Sim 
|S21| RH Sim 
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conventional one performs better at higher frequency end. In the lower side of the 
passband, the rejection is 10-15dB better in the RH than in the CRLH filter. This is 
probably caused by the peculiar coupling mechanism of the CRLH coupled-lines in that 
the coupling level increases quickly after transmission zero at lower frequency side. The 
experimental results also reveal similar properties (see Figure 5.13). Moreover, it is 
observed that the reflection zeros and bandwidth of CRLH SIR filter are mainly 
controlled by the coupling between the two SIR lines, directly influenced by spacing g1 
and g2. These gaps (mainly g2) also control the position of the first zero on the lower 
side of the passband. The additional coupling between non-resonant nodes can be used 
to introduce new transmission zero, resulting in maximum selectivity both below and 
above the passband. It can also be seen from Figure 5.13 that the insertion loss of the 
CRLH SIR filter is slightly lower than the RH filter, probably benefited from its smaller 
size.  
The CRLH SIR BPF has been fabricated on RT/Duroid 5880 substrate with dielectric 
constant εr of 2.2, loss tangent Tanδ of 0.0009, and substrate thickness h of 1.57mm, the 
photograph of which is depicted in Figure 5.12. 
 
Figure 5.12. Photograph of the fabricated CRLH SIR BPF with SMA connectors. 
Measurement results of the CRLH SIR filter are compared against its HFSS and 
equivalent circuit model simulation results, shown in Figure 5.13. It is clear evidence 
that the fabricated filter response is very much in good agreement with the simulated 
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ones. Further simulations of the CRLH coupled-lines revealed that the slight difference 
in |S11| between simulations and measurement results is due to the over-coupling 
between CRLH coupled-lines, which has transitioned to critical-coupling in fabricated 
filter as a result of manufacturing tolerance. This has also caused slight alteration in 
positions of zeros. This is evidently confirmed in HFSS simulations presented in 
Figures 5.11 and 5.13. 
2 3 4 5 6
-40
-30
-20
-10
0
Frequency [GHz]
S
-P
a
ra
m
e
te
rs
 [
d
B
]
 
 
|S21| LH Eqv.
|S11| LH Sim
|S21| LH Sim
|S11| LH Meas
|S21| LH Meas
|S11| LH Eqv.
 
Figure 5.13. Measured and simulated responses of the CRLH SIR BPF.  
Table 5.2 provides a comparison in terms of size between the proposed BPF and most 
recent similar reported BPFs. It is clear evidence that the CRLH SIR BPF has much 
smaller size in comparison to those recently published works. 
Table 5.2. Comparison with Other Similar Reported BPFs.  
Ref. fc (GHz) εr 
No. of 
Resonators* 
Size** (mm × mm) Area** (mm
2
) 
This work
 
4.35 2.2 2 6.07 × 5.14 31.19 
[5.19]
 
4.32 2.56 2 16.3 × 10.4 169.52 
[5.20]
 
4.25 3.38 4 27.4 × 6.6 180.84 
[5.21]
 
4.00 2.33 4 17.7 × 6.7 118.59 
[5.8]
 
3.59 3 4 24 × 22 528 
* Or the filter order. 
** Only the dimensions of the filter itself (without feed-lines) have been considered for comparison 
between these filters. 
 
|S21| CRLH Eqv. 
|S 1| CRLH Sim 
|S21| CRLH Sim 
|S 1| CRLH Meas 
|S21| CRLH Meas 
|S 1| CRLH Eqv. 
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5.3 Conclusion 
In this chapter, two novel microstrip CRLH SIR BPF designs were presented for the 
first time. In the first filter design, the emphasis has been put on pushing the spurious 
frequencies away, resulting in an extended spurious-free stopband. The second CRLH 
SIR BPF was miniaturised with an emphasis on maintaining the quality of filter 
characteristics. Supported by theory, full-wave simulation and measurement results, 
both CRLH SIR BPFs were compared to their associated RH SIR filter counterparts of 
the same centre frequency fc, fractional bandwidth BWfrac and stop-band attenuation. 
The presented CRLH SIR filter designs proved very successful as very good extended 
spurious-free stopband in the first filter, and extremely smaller size in the second filter 
were achieved, while maintaining the integrity of the filter performance.  
It was indicated that the first CRLH SIR filter was designed to operate at 2.75 GHz with 
the electrical parameters: Z1 = 48 Ω, Z2 = 40 Ω, and θ1 = θ2 = 42°. The filter which was 
measured 24.341mm×28.679mm, consisted of two λg/4-type symmetric balanced CRLH 
SIR coupled-lines. Each SIR had two-sections of CRLH unit-cell TLs of different 
impedances, formed of microstrip line loaded by series interdigital capacitors and shunt 
stub inductors. The filter also utilised a metalic via shorting to the ground (at the 
connection of high impedance unit-cells), which acted as an impedance inverter. It 
became evident from the 3-D full-wave HFSS simulations and measurement results of 
the proposed filter that, with an insertion loss of -2.61dB and return loss of -21.49dB, 
the filter not only had a very good selectivity, but also was extremely efficient in 
extending the free-spurious stop-band, pushing the first spurious response to about 4×f0 
(around 11 GHz). It was noted, however, that the filter had dimensions similar to its RH 
counterpart; indicating the need for miniaturisation.  
The second (miniaturised) CRLH SIR filter, which was in fact an optimisation of the 
first filter, had very similar structure and the same operational principle as the initial 
CRLH SIR BPF. However, it was illustrated that to minimise the size, folded stubs were 
used and also length of unit-cells were further reduced (while maintaining the same 
unit-cell impedance values), measuring an overall filter dimensions of 
6.07mm×5.14mm. It became evident that by an accurate design of TLs and placing 
them in proper positions (from each other), a two-section coupled-line TL resonator 
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(TLR) can be obtained that benefits from a smaller resonator size, improved overall 
coupling and a more controllable circuit. Also, extraction of electrical parameters of the 
CRLH BPF equivalent circuit revealed that the LH and mutual coupling capacitances 
CL2, Cm2 of the Z2 coupled-lines, and LH and mutual coupling inductances LL1 and Lm1 
of the Z1 coupled-lines were comparably larger in value than other parameters, 
confirming the dominance of electric coupling around IP/OP ends and dominance of 
magnetic coupling around the shorting via.  
The response of the miniaturised novel CRLH SIR filter was verified (and its benefits 
visualised) when it was compared with its RH counterpart of exactly the same electrical 
parameters (Z1, Z2, θ1 and θ2). Theory, full-wave simulation and measurement results 
demonstrated that, with an insertion loss of -1dB and return loss of -34dB, when 
compared to RH SIR filter of the same centre frequency fc of 4.35 GHz, fractional 
bandwidth BWfrac of 6.89% and stop-band attenuation of >20 dB, the presented CRLH 
SIR filter proved very successful as it was about 80% smaller in size while maintaining 
the integrity of the filter performance. Moreover, it became evident that CRLH SIR BPF 
was significantly more controllable in its dimensions and response due to the fact that 
more elementary parameters were available in CRLH configuration. 
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Chapter 6 
MMIC Metamaterial Stepped Impedance 
Resonator Bandpass Filters 
6.1 Introduction 
In this chapter, novel metamaterial bandpass filters based on monolithic microwave 
integrated circuits (MMIC) are designed and developed. As such, a very brief 
introduction and background to the MMIC technology and its applications are 
presented. The theory and design of MTM filters from the previous chapter(s) are 
applied together with the MMIC technology to derive novel bandpass filters. Supported 
by full-wave simulation and measurement results, performance of the MMIC MTM 
filters will be reported. Also, advantages/disadvantages and challenges of the MMIC 
multilayered approach in MTM filter design will be addressed, and possible solutions 
for the existing shortfalls will be suggested.  
6.2 Overview of MMICs 
The need for miniaturisation, systems integration (analogue and digital functions), and 
push for lower manufacturing costs have continuously called for new techniques in 
circuit design. MMIC microwave circuits are well known for their ability in 
accommodating passive and active components (such as resistors, capacitors, inductors 
and transistors) on the same semiconductor substrate. The word „monolithic‟1 means “as 
a single stone” and refers to the fact that MMIC is fabricated from a single piece of 
semiconductor material [6.1]. It is used to emphasise the difference between MMIC and 
the established microwave integrated circuits, namely hybrids MICs. Table 6.1 provides 
a comparison between MMICs and hybrid MICs.  
                                                          
1
 Greek word. 
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Table 6.1. Advantages and disadvantages of MMICs compared with hybrid MICs [6.2]. 
MMICs Hybrid MICs 
Cheap in large quantities – approximately 
one-third as much as equivalent MICs [6.1] 
(particularly economical for complex circuits) 
Simple circuits can be cheaper – automatic 
assembly is possible 
Very good reproducibility  Poor reproducibility due to device placement 
and bond-wires 
Small and light (usually an order of magnitude 
smaller size and weight than hybrid MICs) 
Compact multilayer substrates with 
embedded passives  
Reliable – especially in space-borne 
applications 
Hybrids are mostly „glued‟ together and so 
reliability suffers  
Less parasitic – more bandwidth and higher 
frequencies 
The best transistors are always available for 
LNAs and PAs 
Space is at a premium; the circuit is made as 
small as possible 
Substrate is cheap, which allows microstrip 
to be used abundantly  
Very limited choice of components A vast section of devices and component is 
available 
Long turnaround time (approx. 3 months) Can be very fast (1 week), making multiple 
iterations possible 
Very expensive to start up Very little capital equipment is required 
Perhaps, military and space industries have been the major driving forces behind MMIC 
technology; though today, it is utilised in most microwave and communication system 
applications. In fact, some components were simply not practical with hybrid 
technology and therefore could only be realised using MMICs. Frequency of operation 
of MMICs can range from 1 GHz to well over 100 GHz, though it was mentioned that 
strictly speaking, monolithic circuits above 30 GHz are referred to as monolithic 
millimetre-wave integrated circuits
2
 [6.2].  
Two of the most widely used approaches in MMIC design are: utilisation of different 
transmission line techniques (e.g. multi-layer), and using more efficient substrate 
materials. The former will be explained later, but the choice and properties of 
semiconductor materials are considered first, as they significantly influence the 
performance of the final MMIC. For instance, electron mobility, peak velocity and 
energy band-gap of the semiconductor material dictate the frequency response and 
power-handling characteristics of its active components [6.2]. Similarly, the resistivity 
of the semiconductor substrate determines the loss and Q-factor of its passive 
components [6.1].  
                                                          
2
 Other abbreviations used: MMWIC or M
3
IC. 
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Silicon has been used for many years for RF and lower frequencies due to its low cost; 
but ironically due to its high loss, was outperformed and replaced with gallium arsenide 
(GaAs) at microwave frequencies [6.3-6.5]. Recently, silicon MMICs have undergone 
resurgence using TL techniques in an attempt to overcome the substrate-loss problems 
[6.1, 6.6-6.8]. Yet, more exotic substrate materials such as silicon carbide (SiC), gallium 
nitrite (GaN) and indium phosphate (InP) have taken over at frequencies beyond 100 
GHz in areas where high performance is paramount [6.1]. In this research, GaAs is 
used
3
 as it is reportedly suitable for producing significantly small, low loss passive 
components and TLs, as well as high-frequency high-performance transistors on stable 
high-resistivity materials [6.1, 6.2].  
6.2.1 Design Process and Approaches  
There are generally three classes of techniques that are used to design MMIC circuits, 
depending on the frequency of interest. These are: „all-transistor‟, „lumped-element‟ and 
„distributed‟ techniques, which may (or may not) be used in parallel for (shared) 
frequency ranges of desired applications. The latter is used in this research which often 
employs microstrip, coplanar waveguide (CPW), micromachined TLs, and so on [6.2]. 
Figure 6.1 provides a graphical representation of the approximations used to show the 
distribution of these techniques (and sub-techniques) over a broad frequency range. 
 
 
 
 
 
 
 
 
 
Figure 6.1. Various approaches to MMIC design and their frequency range of operation [6.2] 
It is worth pointing out that in the literature, different terminologies have been used to 
describe various realisation methods of MMIC structures. Although undoubtedly all of 
                                                          
3
 According to batch requirements (limitations) and the foundry processes and capabilities.  
0          20          40          60         80          100 GHz 
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these techniques have their advantages, for the purpose of this research, distributed and 
lumped techniques are employed in parallel to design the MMIC MTM filters. Lumped 
refers to the homogeneity condition of MTM structures discussed in Chapter 2.  
Realisation of MMIC structures involves several processing steps that include 
polyimide spin, curing, etching and metal contact formation [6.9]. These are normally 
carried out by the manufacturer.  
6.2.2 Device and Component Fabrication Technologies 
As mentioned, in an MMIC, circuit functionality can be achieved by integration of 
passive (mostly) and active elements which are usually interconnected using 
transmission lines (TLs). In fact, MMIC designs use passive components so much (e.g. 
for impedance matching, DC-biasing, phase shifting, filtering, etc.) that it has made 
them very different to conventional designs. Of course, these elements can be realised 
using various configurations. In this research, only passive components are employed 
for MMIC filter design, and therefore, shall be very briefly addressed.  
MMIC passive components in general include: transmission lines, resistors, capacitors, 
inductors, metal layer interconnects, bond-pads and substrate vias. Passive lumped-
element resistors can be produced using deposited thin metal films
4
 (known as thin-film 
resistors - TFR) or doped regions of semiconductor substrate
5
 depending on factors such 
as desired value, tolerance, reproducibility and power handling [6.2, 6.10-6.14]. 
Similarly, passive capacitors are produced in the forms of overlay/metal-insulator-metal 
(MIM) and interdigital capacitors (IDC). Likewise, passive inductors are produced in 
the forms of spiral, loop and stacked inductors; though have been dominated by silicon-
based solutions [6.2]. Also, plated air bridges have been often used for circuit element 
connections, and through-substrate (or via-type) holes employed for ground 
interconnections [6.15]. There are also many ways of forming active layers. Detailed 
descriptions of these components and their realisation methods can be found in most 
MMIC textbooks e.g. [6.1, 6.2], but since IDC and square spiral inductor (SSI) were 
presented in Chapter 3, here for the sake of completeness, MMIC configuration of MIM 
capacitors and SSIs are shown in Figure 6.2 (as they are used here in the MMIC filter 
design).  
                                                          
4
Examples:  Nickel chrome (NiCr) or Tantalum nitride (TaN). 
5
 Or layers of polysilicon in the case of silicon RF processes [6.2]. 
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(a)      (c) 
Figure 6.2. MMIC configuration of (a) MIM capacitor and (b) spiral track inductor [6.1].  
6.3 Parasitic Effects of the Passive Components  
Perhaps the main challenge in MMIC design is the parasitic effects associated to the 
utilised components. This is because, for instance, an inductor or capacitor cannot 
behave as a pure inductor or pure capacitor at high frequencies. One, therefore, may use 
equivalent circuits to describe the parasitic effects of these components at high 
frequencies. As such, this section describes briefly the RF behaviour of resistors, 
capacitors and inductors at RF/microwave frequencies with reference to [6.24, 6.25].  
6.3.1 High-Frequency Resistors 
At RF/microwave frequencies, a resistor can no longer be represented by DC resistance 
RDC. Therefore, other frequency-dependent effects such as „skin effect‟ must also be 
taken into account. By taking into account such parasitic effects, an equivalent circuit 
model of a high-frequency resistor can be assumed to include finite lead dimensions as 
well as parasitic capacitances, as depicted in Figure 6.3. In this equivalent circuit, L 
models the leads, Ca models the charge storage effects within the resistor, and Cb is the 
interlead capacitance which can be normally neglected. The RF resistance RRF is 
inversely proportional to the skin depth, so that
1
2
RF DCR R

 , where δ is the skin depth 
given by 1 condf   , with ζcond as conductivity of the conductor.  
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Figure 6.3. Equivalent circuit of a resistor at high frequencies [6.24]. 
Plot of absolute impedance value of a resistor as a function of frequency is depicted in 
Figure 6.4. It can be noted from the figure and also the above equations that at low 
frequencies, the impedance of the resistor is equal to R. However, at higher frequencies, 
the effect of capacitance becomes more dominant resulting in decrease in the resistance. 
This trend changes at resonance frequency, after which an increasing inductive effect is 
observed. The inductance increases with frequency resulting in an increase in the total 
impedance, and an open-circuit effect at very high frequencies.  
 
 
 
 
 
 
 
Figure 6.4. Frequency response of a resistor at high frequencies [6.24].  
6.3.2 High-Frequency Capacitors 
Elementary circuit analysis for parallel-plate capacitor was presented in Chapter 3. It is 
known that no current flow exists between plates of an ideal capacitor. At high 
frequencies, however, loss is observed in the substrate resulting in the so called 
conduction current flow. Therefore, impedance of a capacitor at high frequencies can be 
written as  1 eZ G j C  , where Ge is the conductance and ωC is the susceptance. It 
is noted from the equation that at low frequencies, current flow is due to the 
L L R 
Cb 
Ca 
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L 
C 
Rs 
Re 
conductance. Therefore, a capacitor can be represented by its high frequency equivalent 
circuit as depicted in Figure 6.5.  
 
 
 
Figure 6.5. Equivalent circuit of a capacitor at high frequencies [6.24].  
In the figure, L and RS represent lead inductance and losses, respectively. Re takes into 
account of dielectric losses and is given as 1e eR G where Ge is the conductance of the 
dielectric defined as tane SG C  ; with Stan being defined as series loss tangent. 
It can be given as tan S dielec   ; dielec is the conductivity of the dielectric. The 
frequency response of a capacitor against magnitude of its impedance at high 
frequencies is illustrated in Figure 6.6. It can be seen that as the frequency increases, 
capacitance decreases. At around resonance frequency, this response changes after 
which the capacitance increases with frequency, resulting in an increase in the total 
impedance.  
 
Figure 6.6. Frequency response of a capacitor at high frequencies [6.24].  
6.3.3 High-Frequency Inductors 
It can be seen from the most typical representation of an inductor (Figure 6.7b) that 
beside inductance, there exist frequency-dependent wire resistance and parasitic 
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capacitance resulted from adjacent wires. The equivalent circuit model of such structure 
at high frequencies is shown in Figure 6.7.  
                      
         (a)                (b) 
Figure 6.7. (a) Equivalent circuit of an inductor, and (b) its associated distributed capacitance and 
resistance.  
As mentioned, the capacitor CS and resistor Rs represent the parasitic composite effects 
of distributed Cd and resistor Rd (in Figure 6.7b), respectively. Assuming a coil inductor, 
Cs can be given as
2
04s
raN
C
l
 , where r is the radius of the coil core, a is the radius 
of the wire, N the number of the turns and l the length of the inductor. Since the wire is 
normally very thin, the skin effect of the wire can be neglected, and the series resistance 
can be expressed by its DC resistance. That is, 
2
2
s
cond
rN
R
a

 
 . Figure 6.8 depicts the 
frequency response of a typical RF coil. It can be observed from figure that the 
inductance increases with frequency up to the resonance frequency, the point where the 
inductance starts decreasing sharply, resulting in a decrease in the total impedance. 
 
 
 
 
 
 
 
Figure 6.8. Frequency response of an inductor at high frequency.  
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6.4 MMIC CRLH SIR Filters 
An overview of the MMIC technology, the need for such circuits, and realisation 
methods and parasitic effects of passive MMIC components were briefly presented and 
discussed in the previous section. Here, CRLH SIR bandpass filters are designed based 
on MMIC technology. In doing so, filter structures of the previous chapter are adopted 
(borrowed) and modified based on MMIC multilayer topology requirements. However, 
before any design is presented, a few important points should be mentioned. All of the 
MMIC filter designs presented in this chapter share the properties outlined in Table 6.2.  
Table 6.2. Electrical and physical parameters of the presented MMIC CRLH SIR filters.  
Parameter 
Name / 
Value 
 
Substrate material GaAs 
Dielectric material Polyimide 
Maximum number of 
metal layers* 
2 
Substrate relative 
permittivity, εr 
12.9 
Dielectric relative 
permittivity, εr 
3.8 
Conductor Gold 
 
Gold conductivity, ζ 4.1× 107 Sm-1  
Substrate height, h 100μm 
Conductor thicknesses, 
c1 and c2 
c1 = 1μm 
c2 = 3μm 
Conductor widths, w On design 
Dielectric thickness, d 1μm 
Notes: 
* Due to the foundry and package limitations, maximum of two conductor layers have been 
employed.  
 Via on the diagram refers to metal interconnects.  
 GSG: ground-signal-ground connections, with characteristic impedance: 50 Ohms. 
 „Metal layer‟ and „conductor‟ are interchangeably used to represent the gold conductors. 
As mentioned, some of the MMIC filters presented in this chapter are multilayered. A 
multilayer design provides higher degree of flexibility and higher integration level with 
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integrated circuit technologies at both microwave and mm-waves. The illustrated 
microstrip structure consists of a transmission line with ground plane at the bottom and 
a substrate material (GaAs) on top of it. A dielectric layer sits on top of the substrate 
which encompasses a metal layer inside itself (conductor 1), with another metal layer 
above the dielectric (conductor 2). These metal layers are connected through the 
dielectric by a metallic interconnect (or via), with a cap on top. Any MMIC component 
can be made on either (or using both) of these layers, as will be seen. Also, input and 
output ports of MMIC structures are usually designed to include three pads for ground, 
signal and ground (GSG). According to the specified wafer measurement guidelines, 
these pads are designed and spaced from each other. These connection points must be 
carefully placed on the appropriate layer in order to ensure proper connectivity with 
input and output ports of the structure, as well as reducing the return loss.  
6.4.1 Single Layer MMIC CRLH SIR Bandpass Filter  
The first MMIC bandpass fitler (BPF) is designed on a single (top) layer of a microstrip 
TL. This filter is not very different in configuration and operational principle to those of 
previous chapter, but varies in the overall size, input and output ports configuration, 
inductor shape
6
 and spacing between the interdigital capacitors; all adopted for MMIC 
realisation. Figure 6.3 shows the layout of the first MMIC CRLH SIR bandpass filter 
design. It can be seen that coupled-line CRLH SIRs, loaded by series IDCs and shunt 
shorted (folded) stubs are employed to form the BPF; similar to Figures 5.3 and 5.7. As 
mentioned, the operational principle of this filter is very similar to those of the previous 
chapter; so to avoid repetition, only the filter structure and its simulation and 
measurement responses are discussed and analysed.  
It can be seen in Figure 6.3 that the filter is constructed using parallel-coupled CRLH 
SIRs, similar to filters of the previous chapter. In fact, the only structural difference in 
TL of this design with designs of previous chapter is in utilisation of gold instead of 
copper as the conductor, and Gallium Arsenide (GaAs) instead of RT Duroid 5880 as 
the substrate material. GaAs has a higher substrate relative permittivity (or dielectric 
constant) of εr = 12.9, compared to the RT Duroid with εr = 2.2, and therefore can be 
used to naturally minimise the structural size. The size reduction can be explained with 
the reduction of electric field present within the dielectric, and also the inverse 
                                                          
6
 Square via instead of circular. 
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proportionality relation between dielectric constant and length [6.17, 6.18]. Otherwise, 
filter of Figure 6.9 also has one layer and new dimensions which have been 
appropriately calculated for MMIC design. For RF-on-wafer measurements, three pads 
are placed on both input and output ports to act as GSG connections. The layout of 
single layer MMIC CRLH SIR bandpass filter design shows that the filter is small, 
measuring 3.2mm × 3.4mm (a total area of 10.88 mm2).  
 
 
 
 
 
 
 
 
 
 
 
 
Figure 6.9. Single layer MMIC CRLH SIR bandpass filter; IDC digit lengths – for Z2: 700μm, for Z1: 
800μm, Spacing between IDCs 25μm, gap between coupled-lines – g2: 50μm (for Z1), g1: 10μm (for Z2). 
Via square side length: 40μm.  
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The single layer bandpass filter of Figure 6.9 is simulated using “Momentum” of 
Agilent‟s Advanced Design System (ADS), and fabricated on GaAs substrate with a 
Polyimide dielectric layer on top. The photograph of the fabricated MMIC filter is 
depicted in Figure 6.10.  
 
 
 
 
 
 
 
 
 
Figure 6.10. Photograph of the fabricated single layer MMIC CRLH SIR bandpass filter.  
The filter was measured using Hewlett Packard 85107A network analyser system and 
Summit 9000 Analytical Probe Station
7
. Transmission responses of this filter obtained 
from both simulation and measurement are compared against each other in Figure 6.11
8
. 
It can be seen that simulation and measurement results are in good agreement. An 
insertion loss of 4.98dB and return loss of 7.27dB (simulation: 23.20dB) at the centre 
frequency fc = 3.21 GHz are obtained. The filter has good attenuation both before and 
after the passband (particularly in the simulation response) with its first spurious 
frequency occurring at 13.52GHz (i.e. > 4×f0). Appearance of the first transmission zero 
far away from the passband and also the rather extended shape of the passband can 
perhaps be explained as due to the excessive coupling that exists between the 
                                                          
7
 Cascade Microtech
®
. 
8
 For start frequency: 45 MHz, stop frequency: 20 GHz, number of points: 801. 
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constitutive interdigital capacitors and stub inductors of the coupled SIRs, storing the 
coupled energy over a longer period and shifting the resonance in the second SIR. This 
is more evident in the measurement results, where it is thought that fabrication tolerance 
has resulted in appearance of a second passband by changing the already-peculiar 
coupling mechanism. The slightly higher insertion loss (compared to previously 
designed filters) is also probably the direct influence of the current crowing effect on 
large number of thin IDC digits.  
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Figure 6.11. Comparison between simulation and measurement results of the single layer MMIC CRLH 
SIR bandpass filter. 
6.4.2 Multilayer MMIC CRLH SIR Filters 
The single layer microstrip filter of the previous section was a rather successful design 
as it provided the expected bandpass response with reasonable tolerances in loss and 
bandwidth. Also, it was considerably smaller compared to the BPFs of the previous 
chapter. However, since its design was more of a translation rather than conversion (of 
filters of previous chapter) from MIC to MMIC topology, and the fact that it was on a 
single layer, meant that the filter design could not have gone much further in size 
reduction
9
. Also, the number and dimensions of the IDC fingers that were required 
(combined with stub length) to produce a certain impedance in the SIR, posed a limit to 
miniaturisation of the structure; though ironically good electromagnetic coupling can be 
                                                          
9
 Except by changing the electrical parameters of the design, e.g. Z1, Z2, etc.  
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obtained using coupled IDCs. It can perhaps be said that in this case, excessive coupling 
was achieved, resulting in appearance of another passband. Therefore, a multilayer 
approach is taken to provide a design with higher degree of flexibility and higher 
integration level with integrated circuit technologies at both microwave and mm-waves. 
The basic idea behind a multilayer design is to use the concept that a higher substrate 
relative permittivity can decrease the structural size (as explained above). However, 
there are limited ranges of substrate materials with high permittivity that can be used in 
microwave circuit realisation
10
. Therefore, a multilayer MMIC uses layers (stacks) of 
dielectric materials on top of the substrate to simultaneously use high-permittivity 
substrate, and impose a decreased overall effective permittivity of the structure
11
 
without necessarily confining the currents in one material. Moreover, with an intelligent 
design, reasonable degree of coupling can be obtained between conductors of different 
layers which is a bonus for both performance enhancement and miniaturisation.  
Here, three filter designs are presented based on multilayer configuration and 
implemented on microstrip and grounded coplanar waveguide (GCPW)-style 
microstrip. All three designs share the same series capacitor configuration in the form of 
metal-insulator-metal (MIM). However, the first design employs shunt folded stub 
inductor whereas the other two use square spiral inductors. Each design will be 
explained individually below.  
6.4.2.1     Design I: Microstrip BPF with MIM Capacitor and Stub Inductor 
In this bandpass filter, the structure is designed over two metal layers providing a higher 
flexibility in realisation of components. However, since the single-metal-layer filter 
structure is decomposed into two layers, the constitutive inductors and capacitors should 
also be carefully designed to maintain the same characteristic impedance (i.e. the same 
L and C values) and electromagnetic coupling level, while realised on different layers. It 
was mentioned that depending on the structure geometry and configuration, different 
methods can be used to realise the capacitors and inductors. Since the two SIRs are 
connected at the far end by a metallic via, for design convenience, the input and output 
feed lines are placed on the bottom layer (conductor 1). The shunt folded stub inductors 
                                                          
10
 Constraints include: design requirements and electrical characteristics (e.g. loss, operating frequency, 
temperature, etc.), cost, availability, and so on.  
11
 As a rule of thumb, all permittivity values are added and divided by the number of dielectric materials 
(including the substrate).  
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are formed on the top layer (conductor 2) and the series MIM capacitors are obtained by 
an area of overlap between conductors one and two, as seen in Figure 6.12
12
.  
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
Figure 6.12. The two-layer microstrip BPF with MIM capacitors and stub inductors; Stub widths: 60μm, 
MIM conductor widths: 55μm, MIM overlap area – Z2: 10.516μm×1,460μm = 15.353mm
2
, Z1: 
7.534μm×1,660μm = 12,506mm2, via square side length: 40μm.  
MIMs are used since they can provide the same capacitance value with a shorter length 
of transmission line. However, one must appropriately compensate for the reduction in 
the LH times-unit-length capacitance; for instance by an increase of LH inductance. 
Metals on the second layer are connected to the first layer by interconnects, and through 
the substrate to the ground plane using via holes. An important point to note is that the 
                                                          
12
 Ideally, there should be an alternate between layers after each component. For instance, if the first 
capacitor in formed by power flow from metal 1 to metal 2, power flow in the next component should be 
from metal 2 to metal 1. But ultimately, this depends on the equivalent circuit and the designer.    
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coupling between IDCs and MIMs are different, especially at such small dimensions 
where slightest alteration in the gap between SIRS and indeed in the value of capacitors, 
would result in totally different behaviours. 
The structure of Figure 6.12 is simulated using Agilent‟s ADS and fabricated on the 
same substrate as the first design, the photograph of which is depicted in Figure 6.13.   
 
Figure 6.13. Photograph of the fabricated two-layer microstrip BPF with MIM capacitors and stub 
inductors. 
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Figure 6.14. S-parameters simulation and measurement responses of the first multilayer MMIC CRLH 
SIR bandpass filter.   
Transmission response of this filter was obtained from both simulation and 
measurement, and compared in Figure 6.14. It can be observed that the filter has a sharp 
cut-off and good attenuation at the lower side of the passband. It also has a reasonable 
shape and rather acceptable attenuation at the upper side of the passband, but a clear 
double-band is seen around its centre frequency. The first passband has an insertion loss 
of 5.1dB and return loss of 11.4dB at the centre frequency of 3.94 GHz; and at the 
centre frequency of the second passband, fc = 4.82 GHz, an insertion loss of 2.53dB and 
return loss of 9.81dB is observed. This double-band phenomenon, which was 
introduced and discussed in details in Chapters 4 and 5, relates to the coupling between 
the two SIRs. It was mentioned above that due to small dimensions of transmission lines 
and in particular the spacing (gap) between them, it is very difficult to simultaneously 
obtain the correct parallel-plate capacitance and the “right” coupling level between the 
two SIRs; though it is possible as will be shown.   
6.4.2.2     Design II: Microstrip BPF with MIM Capacitor and Spiral Inductor 
The bandpass filter presented here is very similar to that of the previous section. The 
only distinct difference is in the shunt inductors where stubs are replaced with square 
spiral inductors, while maintaining the same electrical parameters for the filter circuit, 
as illustrated in Figure 6.16. The MIM capacitors have also been modified in 
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configuration (geometry) where the two layers fully overlap in width for an appropriate 
length of TL. It is understood that although the same capacitance value (as previous 
design) can be obtained using shorter length of TLs, a smaller LH times-unit-length 
capacitance CʹL (and consequently smaller LʹR) is obtained. Therefore, a reduction is 
observed in the overall characteristic impedance that can be achieved in that 
transmission line unit-cell. Also, by reducing the size of MIM capacitors, coupling 
length between SIRs is decreased which results in reduction of the overall coupling, and 
therefore, the transfer of power and the resulting bandwidth. Thus, inductance of the 
unit-cell is increased by increasing the spiral length to compensate for the effect of CʹL 
in impedance. Moreover, It is noticed that the spirals are stretched (and not concentrated 
around the interconnecting via) to avoid current crowding effects (therefore the loss), 
and help improve the overall coupling in the structure. However, simulation results of 
Figure 6.17 show that the filter structure is still very lossy, though it performs exactly as 
expected. The reasonable response of |S11| suggests that the loss is mainly insertion loss 
due to the transmission lines, and small degree of coupling between coupled-line SIRs. 
Existence of the loss may be explained as follows. At microwave frequencies, the 
wavelength of the signals on the semiconductor become comparable with the 
dimensions of the circuit and the signals interact much more with the semiconductor 
substrate material. If the resistivity of the substrate is low, the transmission lines are 
lossy and the resulting circuits have excessive insertion loss [6.1]. Perhaps numerical 
and experimental demonstrations in [6.19-6.21] paint a better picture by revealing the 
relationship between TL conductivity and other frequency-dependent parameters in a 
semiconductor substrate (e.g. permeability, resistivity, etc.). Such research highlight the 
influence of substrate losses and dispersion [6.21], and conductor skin effect and 
proximity effect (between closely adjacent lines) [6.22] on controlling the overall loss 
of the transmission line. It is understood that at low frequencies, where the current 
penetrates deeply into the substrate
13
, resistance of a substrate RS is much smaller than 
the ground resistance Rg, i.e. RS << Rg; resulting in concentration of return current flows 
in the substrate. As the frequency increases, RS increases (rapidly) due to emergence of 
strong skin effect in the substrate, which in turn causes an increase in the total resistivity 
R of the transmission line [6.22]. This is illustrated graphically in Figure 6.15.  
 
                                                          
13
 Due to the absence of skin effect at such frequencies.  
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(a) 
 
 
 
 
 
 
 
 
 
 
 
(b) 
Figure 6.15. The behaviour of different line parameters per unit length for three typical values of 
conductivity for a typical silicon substrate; (a) resistance and inductance parameters, (b) conductance and 
capacitance parameters [6.19].  
It can also be deduced from the figure that conductivity ζ is probably the main driving 
force in determining the behaviour of TL parameters and their variance with frequency.  
For instance, when ζ is small, inductance L is almost constant at the entire frequency 
range, whereas it tends to decrease for large ζ over the same frequency band, as the 
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magnetic fields are expelled from the substrate
14
. Similarly, a substrate with high ζ acts 
as a ground plane and therefore the electric fields concentrate in the dielectric, resulting 
in a fixed capacitance value. However, when ζ is small, the capacitance tends to reduce 
with higher penetration of electric field over the frequency band [6.22]. So, considering 
that the conductivity of the employed microstrip TL substrate is very large, 4.1×107 
(S/m), it seems that high losses are inevitable.   
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
Figure 6.16. The two-layer microstrip BPF with MIM capacitors and square spiral inductors (SSI); SSI 
widths: 20μm, spacing between SSI‟s: 15μm, MIM conductor dimensions – Z2: 100μm ×75.53μm, Z1: 
107.53μm ×150μm; via square side length: 40μm.  
To verify the above analysis, the structure of Figure 6.16 is simulated in Agilent‟s ADS 
for the specified substrate parameters and also for a substrate with perfect conductor. 
Comparison between the two simulation responses of the filter structure are presented in 
                                                          
14
 Degree of penetration and presence of magnetic fields all depend on the level of skin effect. So, at high 
frequencies, skin effect is large, magnetic fields are absent, and total resistivity is high (high loss).    
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Figure 6.17. It can be seen that for a perfect conductor, no (insertion) loss is observed in 
the transmission response. The good return loss is also maintained.  
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Figure 6.17. S-parameters of the second multilayer MMIC CRLH SIR bandpass filter; comparison 
between two cases of simulation with actual gold conductor (AC), and perfect conductor (PC).  
The MMIC bandpass filter of Figure 6.16 is fabricated on GaAs substrate with a 
Polyimide dielectric layer, the photograph of which is depicted in Figure 6.18. 
Transmission responses of this filter, in Figure 6.19, illustrate a very good agreement 
between simulation and measurement results. Both responses confirm very good return 
loss of about 20dB at the centre frequency of 3.29 GHz; slightly better return loss is 
observed in the measurement. As explained above, the insertion loss in this filter is very 
high, which is thought to be mainly due to inadequate coupling between the two 
coupled-line CRLH SIRs; though as explained, this was expected from the structure 
configuration when MIM capacitors were selected. It is interesting to note from the 
measurement results that power transfer in the fabricated filter seems to have slightly 
improved, perhaps benefited from a slight manufacturing tolerance; hence rather higher 
|S21| curves. It is also noticed that the first spurious frequency has occurred at a further 
point (16 GHz) than the frequency of 15.3 GHz observed in simulation results. The 
filter is also very small measuring 1.5mm × 1.6mm. Therefore, it can be said that the 
fabricated filter is a successful design, though it needs more investigation on its 
coupling (power handling) mechanism.  
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Figure 6.18. Photograph of the fabricated two-layer microstrip BPF with MIM capacitors and square 
spiral inductors.  
0 0.5 1 1.5 2
x 10
10
-40
-30
-20
-10
0
Frequency [Hz]
S
-P
a
ra
m
e
te
rs
 [
d
B
]
 
 
|S11| Sim
|S21| Sim
|S11| Meas
|S21| Meas
 
Figure 6.19. Comparison between simulation and measurement results of the double-layer MMIC CRLH 
SIR bandpass filter (design II).  
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6.4.2.3     Design III: GCPW-type Microstrip BPF with MIM Capacitor and 
Spiral Inductor  
A simple method is considered in an attempt to reduce the loss of the filter structure of 
Figure 6.18, without changing the filter structure itself. In particular, grounded-CPW 
(GCPW)-type topology
15
 is adopted to reduce the current concentration within the 
substrate in the proximity of the filter circuit conductors, and therefore avoid some of 
the losses. The new structure is depicted in Figure 6.20.   
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
Figure 6.20. The two-layer microstrip BPF of Figure 6.16, to which grounded CPW topology is applied, 
with all the dimensions left the same.  
Similar to the above filters, the structure of Figure 6.20 is fabricated the photograph of 
which is depicted in Figure 6.21.  
                                                          
15
 Grounded CPW has often been utilised in millimeter-waves as lower inductance grounds can be easily 
realised using GCPWs [6.23].  
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Figure 6.21. Photograph of the fabricated two-layer microstrip BPF of Figure 6.20 to which GCPW 
topology is applied.  
Comparison between ADS simulation response and measurement results of this filter 
(illustrated in Figure 6.22) show good agreement, almost identical response to that of 
the previous filter. This suggests that the loss mainly needs to be accounted for, by 
changing the filter circuit structure. This confirms the analysis presented above and 
suggests that appropriate restructuring of this filter with careful consideration given to 
the optimal methods of achieving the “right” coupling level, in addition to minimising 
the use of thin conductor tracks, will provide very good bandpass filter response. As the 
last approach in this section, the effect of substrate height h on the response was 
examined by increasing h from 100μm to 650μm. It is interesting to note that the results 
showed an improvement in the loss, as depicted in Figure 6.23.  
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Figure 6.22. Comparison between simulation and measurement results of the GCPW-type double-layer 
MMIC CRLH SIR bandpass filter (design III).  
Therefore, it seems that the best practice to minimise the loss may be that (i) the length 
of transmission lines and conductor tracks are kept to minimum possible, (ii) conductor 
tracks are designed wider and thicker (in height) to avoid the parasitic effects such as 
current crowding effects, skin effects and proximity effect, (iii) if coupling is employed, 
the best approach would be to design the structure in a way that it helps with the 
coupling without posing extra TL conductor, and (iv) also, the substrate height could be 
increased in order decrease the total shunt capacitance between ground plane and the 
conductors and therefore effectively decreasing the losses, though this must be done 
carefully; and so on.  
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Figure 6.23. S-parameters simulation response of the third multilayer MMIC CRLH SIR bandpass filter 
structure of Figure 6.11 showing the effect of increase substrate height for the actual conductor (AC).   
6.5 Conclusion 
In this chapter, monolithic microwave integrated circuit (MMIC)-based metamaterial 
(MTM) bandpass filters (BPF) have been designed and developed. In doing so, a very 
brief introduction and background to the MMIC technology and its applications were 
presented. The theory and design of MTM filters from the previous chapter(s) were 
applied together with the MMIC technology to derive novel bandpass filters. In other 
words, the proposed MMIC CRLH SIR bandpass filters were also based on the same 
approach as those described in the previous chapters. MMIC technology has been 
applied to the proposed BPFs with an emphasis on further size reduction with 
maintenance (or enhancement) of their transmission responses. The following are the 
conclusions that can be drawn from this chapter:  
 Two classes of MMIC filters were designed: in the first one, transmission line 
conductors of the filter structure were designed on a single (top) layer of the 
GaAs substrate (referred to as single-layer), whereas in the second, the filter 
structure was decomposed into two metal layers with appropriate realisations of 
capacitors and inductors (referred to as multilayer). It was shown that the first 
proposed MMIC filter was very small measuring 3.2mm × 3.4mm. It was also 
illustrated using ADS momentum simulation and measurement results that, with 
an insertion loss of 4.98dB and return loss of 7.27dB (simulation: 23.20dB) at 
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the centre frequency 3.21 GHz, the obtained filter response indeed agreed with 
the expected response. The filter also showed good attenuation both before and 
after the passband with its first spurious frequency occurring at 13.52 GHz (i.e. 
> 4×f0). It can, therefore, be said that it was a successful design. However, 
electrical and physical properties of the filter structure, and the fact that it was 
on a single layer meant that the filter could not have gone much further in size 
reduction.  
 The second set of MMIC filters employed multilayer topology to reduce the 
filter size, by benefiting from simultaneously high-permittivity substrate and 
imposed low overall effective permittivity of the structure, without necessarily 
confining the currents in one material. It was noted that with an intelligent 
design, reasonable degree of coupling can be obtained between conductors of 
different layers as well as those of the same layers; perhaps a bonus for both 
performance enhancement and further miniaturisation. Though, the simulation 
responses of these filters appear to indicate that at such small dimensions, 
slightest alteration in the gap between SIRs and indeed in the value of capacitors 
(or inductors) would result in totally different coupling behaviours. 
Nevertheless, it has been clearly shown that the size (dimension) limitations of 
the PCB-based MIC filters have been overcome by using the MMIC technology, 
resulting in filters with significantly reduced sizes. 
 Apart from the first MMIC filter which was a single-layer, three multilayered 
MMIC BPFs were also designed that employed MIM capacitors and, stub and 
square spiral inductors. The first design (Design I) which was constructed using 
MIM capacitor and stub inductors had dimensions of 1.3mm × 3.4mm and two 
passbands. The centre frequency of the first passband was at 3.94 GHz with an 
insertion loss of 5.1dB and return loss of 11.4dB. The second passband had a 
centre frequency of 4.82 GHz and an insertion loss of 2.53dB and return loss of 
9.81dB. Two other filters (Designs II and III) were also designed using MIM 
capacitors and square spiral inductors, which were measured 1.5mm × 1.6mm. 
These filter had almost identical responses with very high insertion loss but a 
good return loss of about 20dB at their centre frequency of 3.29 GHz. The first 
spurious frequency of these filters was observed at 16 GHz (≈ 5×f0) which is 
really good for such filters.  
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 Having said that, it is vitally important to note that significant amount of loss 
due to inadequate coupling, and various TL and substrate effects was observed. 
These losses can be avoided if proper coupling mechanism is employed and also 
if the MMIC filter structure is kept free (or minimum) of long and thin 
conductors. In fact, it was concluded that it may not be possible to completely 
avoid loss, but the loss can be reduced if:  (i) the length of transmission lines and 
conductor tracks are kept to minimum possible, (ii) conductor tracks are 
designed wider and thicker (in height) to avoid the parasitic effects such as 
current crowding effects, skin effects and proximity effect, (iii) if coupling is 
employed, the best approach would be to design the structure in a way that it 
helps with the coupling without posing extra TL conductor, and also (iv) the 
substrate height could be increased in order decrease the total shunt capacitance 
between ground plane and the conductors and therefore  effectively decreasing 
the losses.  
 Finally, from the simulation and measurement results obtained from these 
MMIC BPFs, it can be clearly claimed that the presented filters were successful 
designs as with such small dimensions, they can provide tremendous results if 
designed optimally.   
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Chapter 7 
Conclusion and Future Work 
7.1 Conclusion  
The aim of conducting this research was to propose and examine a novel approach in 
design of bandpass filters (BPFs) that can serve both miniaturisation and performance 
enhancement purposes. More specifically, it aimed to present the design, development 
and optimisation of Stepped Impedance Resonator (SIR) bandpass filters (BPF) based 
on Composite Right/Left-Handed (CRLH) transmission lines. Moreover, it aimed to 
ascertain the possibility and the extent to which the proposed novel BPFs are capable of 
reducing the size while maintaining the integrity of the filter performance. The 
possibility of simultaneous size reduction and performance enhancement was also 
examined.  
Towards these aims, λg/4-type CRLH SIRs were designed and characterised based on 
the available equations. These SIRs were then combined and configured to form CRLH 
SIR bandpass filters. Responses of CRLH SIRs and associated BPFs were verified using 
simulation and measurement results, and in comparison with their conventional right-
handed (RH) counterparts.  
Research on CRLH SIR was accomplished by studying metamaterials and SIR electrical 
characteristics, including resonance condition and spurious resonance frequencies 
(Chapter 3). ADS lumped-element equivalent circuit model and HFSS full-wave 
electromagnetic simulation, and measurement results proved that the CRLH SIRs 
surpassed RH SIRs, in terms of both size and performance. Indeed, comparison of the 
first CRLH SIR with its RH counterpart revealed a 35% size (length) reduction, which 
was achieved by controlling the electrical parameters of the SIR constituent  CRLH TLs 
(especially the non-linear phase) using both loading CL, LL, and parasitic LR, CR, 
elements. Moreover, results showed that the CRLH SIR had a better quality factor Q, 
though its input impedance |Zin| response was not so satisfactory. In the second CRLH 
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SIR design, square spiral inductors were used (instead of stubs) to further minimise the 
size of SIR and provide higher design flexibility, particularly for TL characteristic 
impedance Z0; hence a more flexible impedance ratio RZ. The miniaturised (and 
optimised) CRLH SIR was measured to be 66% smaller than its RH counterpart and 
14% smaller than the initial CRLH SIR. Simulation and measurement results showed 
that the miniaturised SIR also performed better in terms of |Zin| and Q factor. It is worth 
mentioning that phase unwrapping and energy (current) flow analysis were used to 
prove left-handedness of the CRLH SIRs by identifying the regions where propagation 
was negative (i.e. anti-parallel phase and group velocities).  
The concept was extended to propose multi-section and tunable CRLH SIRs. Therefore, 
multi-section CRLH SIRs were designed by (i) extending the λg/4-type to λg/2-type SIR, 
and (ii) by adding an extra unit-cell of different impedance at one end of the 
miniaturised two-section CRLH SIR, forming a tri-section CRLH SIR (TSSIR). 
Similarly, tunable CRLH SIRs were designed using ferrite-based substrates. Numerical 
analysis and results showed that in the former, the λg/2-type CRLH SIR (with RZ = 
Z2/Z1 < 1 and θT < π) had benefited from a 45% size (length) reduction compared to its 
RH counterpart, and a better |Zin| response. The results obtained from the CRLH TSSIR, 
clearly showed the capability of the TSSIR in relocating (and minimising) the multiple 
spurious resonance frequencies, while maintaining the same fundamental frequency f0. 
Measurements also indicated that the CRLH TSSIR was not only 30% smaller in length 
compared to its RH counterpart, it was even 28% smaller than a two-section RH SIR 
resonating at the same frequency of 2.5 GHz. In addition, no spurious frequency was 
observed before 8 GHz. This is significant in an efficient filter design for relocating the 
filter passbands and stopbands. Magnetic tunability was investigated by applying the 
ferrite-based materials to the CRLH SIRs, resulting in structures whose phase shift and 
characteristic impedance changed according to the applied DC magnetic bias. The 
tuning capability of the ferrite CRLH SIR was illustrated when the operating frequency 
of the resonator was tuned from 5.1 GHz to 5.4 GHz, and 5.65 GHz for H0 = 2000, 
2250, and 2500 Oe, respectively.  
Study of the filter theories in Chapter 4 showed that microwave filter design would 
most often include: use of network parameters (S, Y, Z, ABCD, etc.), network modelling 
with T and π equivalent networks, components of image parameter method (IPM) and 
insertion loss method (ILM), realisation from lumped to distributed components, and 
various implementation methods. This study, offered a full appreciation of the existing 
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filter design methods, as well as providing an overview of the synthesis and analysis 
techniques that have been employed in filter design. As such, CRLH SIR BPFs were 
designed and developed accompanied with theoretical, numerical and experimental 
verification of the results. Also, optimisations were carried out to achieve 
miniaturisation and performance enhancement.  
Having implemented the filter synthesis, coupling was employed in design of the 
proposed bandpass filters. It was recognised that the coupling mechanisms in the CRLH 
SIR BPF are very different to conventional ones, in that they have the capability of 
arbitrarily tight coupling over a broad bandwidth due to backward wave propagations. 
This difference was addressed both theoretically and numerically, with the help of 
equivalent circuits, for different coupling scenarios; namely under-coupling, critical 
coupling, and over-coupling. It became evident that, unlike conventional line coupling, 
where the narrower the gap between the lines, the tighter the coupling, in CRLH 
coupled-lines, critical coupling can occur at a narrower gap than that of over-coupling. 
This peculiar phenomenon was clearly observed in HFSS full-wave simulations of 
coupled-line CRLH SIR filter in Chapter 5. Further analysis of the CRLH coupled-lines 
uncovered that there exists a strong degree of coupling between the CRLH coupled-
lines even at larger gaps. Indeed, this phenomenon was used in the designer’s favour as 
it provides more degree of flexibility in the design.  
Two main categories of filters were designed in Chapters 5 and 6: first, filters using 
microwave integrated circuits on PCBs (on Duroid 5880 with εr = 2.2, Tanδ = 0.0009, h 
= 1.57mm), and second, MMIC filters based on GaAs (εr = 12.9, h = 100μm). It was 
noted that in both filters, the homogeneity condition was satisfied by careful 
consideration of the length of constituent unit-cells of the λg/4-type CRLH SIRs in the 
bandpass filter; with the longest length being less than λg/12 (for PCB-based filters) and 
l = λg/14  (for MMIC filters) at the centre frequency of the filters. Also, for simplicity, 
electrical lengths of the unit-cells were assumed equal.   
It was indicated that the first CRLH SIR filter was designed to operate at 2.75 GHz with 
the electrical parameters: Z1 = 48 Ω, Z2 = 40 Ω, and θ1 = θ2 = 42°. The filter which was 
measured 24.34mm×28.68mm, consisted of two λg/4-type symmetric balanced CRLH 
SIR coupled-lines. Each SIR had two-sections of CRLH unit-cell TLs of different 
impedances, formed of microstrip line loaded by series interdigital capacitors and shunt 
stub inductors. The filter also utilised a metalic via shorting to the ground (at the 
connection of high impedance unit-cells), which acted as an impedance inverter. It 
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became evident from the 3-D full-wave HFSS simulations and measurement results of 
the proposed filter that, with an insertion loss of -2.6dB and return loss of -22dB, the 
filter not only had a very good selectivity, but also was extremely efficient in extending 
the free-spurious stop-band, pushing the first spurious response to about 4×f0 (around 
11 GHz). It was noted, however, that the filter had dimensions similar to its RH 
counterpart; indicating the need for miniaturisation.  
The second (miniaturised) CRLH SIR filter, which was in fact an optimisation of the 
first filter, had very similar structure and the same operational principle as the initial 
CRLH SIR BPF. However, it was illustrated that to minimise the size, folded stubs were 
used and also length of unit-cells were further reduced (while maintaining the same 
unit-cell impedance values), measuring an overall filter dimensions of 6mm×5.14mm. 
It became evident that by an accurate design of TLs and placing them in proper 
positions (from each other), a two-section coupled-line TL resonator (TLR) can be 
obtained that benefits from a smaller resonator size, improved overall coupling and a 
more controllable circuit. Also, extraction of electrical parameters of the CRLH BPF 
equivalent circuit revealed that the LH and mutual coupling capacitances CL2, Cm2 of the 
Z2 coupled-lines, and LH and mutual coupling inductances LL1 and Lm1 of the Z1 
coupled-lines were comparably larger in value than other parameters, confirming the 
dominance of electric coupling around IP/OP ends and dominance of magnetic coupling 
around the shorting via.  
The response of the miniaturised novel CRLH SIR filter was verified (and its benefits 
visualised) when it was compared with its RH counterpart of exactly the same electrical 
parameters (Z1, Z2, θ1 and θ2). Theory, full-wave simulation and measurement results 
demonstrated that, with an insertion loss of -1dB and return loss of -34dB, when 
compared to RH SIR filter of the same centre frequency fc of 4.35 GHz, fractional 
bandwidth BWfrac of 6.9% and stop-band attenuation of >20 dB, the presented CRLH 
SIR filter proved very successful as it was about 80% smaller in size while maintaining 
the integrity of the filter performance. Moreover, it became evident that CRLH SIR BPF 
was significantly more controllable in its dimensions and response due to the fact that 
more elementary parameters were available in CRLH configuration.  
The proposed MMIC CRLH SIR bandpass filters presented in Chapter 6 were also 
based on the same approach as those described above. In other words, MMIC 
technology has been applied to the proposed CRLH BPFs with an emphasis on further 
size reduction with maintenance (or enhancement) of their transmission responses. As 
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such, two classes of MMIC filters were designed: in the first one, transmission line 
conductors of the filter structure were designed on a single (top) layer of the GaAs 
substrate (referred to as single-layer), whereas in the second, the filter structure was 
decomposed into two metal layers with appropriate realisations of capacitors and 
inductors (referred to as multilayer). It was shown that the first proposed MMIC filter 
was very small measuring 3.2mm×3.4mm. It was also illustrated using ADS 
momentum simulation and measurement results that, with an insertion loss of 4.9dB and 
return loss of 7.27dB (simulation: 23.2dB) at the centre frequency 3.21 GHz, the 
obtained filter response indeed agreed with the expected response. The filter also 
showed good attenuation both before and after the passband with its first spurious 
frequency occurring at 13.52 GHz (i.e. > 4×f0). It can, therefore, be said that it was a 
successful design. However, electrical and physical properties of the filter structure, and 
the fact that it was on a single layer meant that the filter could not have gone much 
further in size reduction.  
The second set of MMIC filters employed multilayer topology to reduce the filter size, 
by benefiting from simultaneously high-permittivity substrate and imposed low overall 
effective permittivity of the structure, without necessarily confining the currents in one 
material. It was noted that with an intelligent design, reasonable degree of coupling can 
be obtained between conductors of different layers as well as those of the same layers; 
perhaps a bonus for both performance enhancement and further miniaturisation. 
Though, the simulation responses of these filters appear to indicate that at such small 
dimensions, slightest alteration in the gap between SIRs and indeed in the value of 
capacitors (or inductors) would result in totally different coupling behaviours. 
Nevertheless, it has been clearly shown that the size (dimension) limitations of the 
PCB-based MIC filters have been overcome by using the MMIC technology, resulting 
in filters with significantly reduced sizes. 
Apart from the first MMIC filter which was a single-layer, three multilayered MMIC 
BPFs were also designed that employed MIM capacitors and, stub and square spiral 
inductors. The first design (Design I) which was constructed using MIM capacitor and 
stub inductors had dimensions of 1.3mm×3.4mm and two passbands. The centre 
frequency of the first passband was at 3.94 GHz with an insertion loss of 5.1dB and 
return loss of 11.4dB. The second passband had a centre frequency of 4.82 GHz and an 
insertion loss of 2.53dB and return loss of 9.81dB. Two other filters (Designs II and III) 
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were also designed using MIM capacitors and square spiral inductors, which were 
measured 1.5mm×1.6mm. These filter had almost identical responses with very high 
insertion loss but a good return loss of about 20dB at their centre frequency of 3.29 
GHz. The first spurious frequency of these filters was observed at 16 GHz (≈ 5×f0) 
which is really good for such filters.  
Having said that, it is vitally important to note that significant amount of loss due to 
inadequate coupling, and various TL and substrate effects was observed. These losses 
can be avoided if proper coupling mechanism is employed and also if the MMIC filter 
structure is kept free (or minimum) of long and thin conductors. In fact, it was 
concluded that it may not be possible to completely avoid loss, but the loss can be 
reduced if:  (i) the length of transmission lines and conductor tracks are kept to 
minimum possible, (ii) conductor tracks are designed wider and thicker (in height) to 
avoid the parasitic effects such as current crowding effects, skin effects and proximity 
effect, (iii) if coupling is employed, the best approach would be to design the structure 
in a way that it helps with the coupling without posing extra TL conductor, and also (iv) 
the substrate height could be increased in order decrease the total shunt capacitance 
between ground plane and the conductors and therefore effectively decreasing the 
losses. It must be pointed out that aside from the designs and analysis presented in this 
work, more attempts have been made to try to further reduce the size or enhance the 
performance of these filters, which will be presented in the future. However, the 
emphasis of the author at this stage has been on presenting the novelty of designs and 
the employed approach. Indeed, it is believed that further improvements both on size 
reduction and performance enhancement on these filters can be done.  
In conclusion, it can be evidently claimed that a novel approach in design of bandpass 
filters (BPFs) has been successfully proposed and examined, that can serve both 
miniaturisation and performance enhancement purposes. In other words, the proposed 
BPFs are capable of significantly reducing the size while maintaining the integrity of 
the filter performance; and in some cases, extensively enhancing the performance. Thus, 
the aim and objectives of realising CRLH SIR bandpass filters have been successfully 
achieved. The present research is, therefore, the first step towards studying Stepped 
Impedance Resonator (SIR) bandpass filters (BPF) based on CRLH transmission lines, 
and thus may be used as a reference and cornerstone for future study and design of other 
similar filters.  
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7.2 Future Work  
Results of previous studies and contributions of this research work have confirmed the 
promising future of metamaterials and ever more expansion of their applications in RF 
and microwave frequencies. Although existence of certain assumptions and limitations 
in any study will probably restrict the outcome of that contribution, it will be interesting 
to extend the work presented in the thesis further. Therefore, more work can be done on 
the following areas:  
 For improved resonator responses, it may be necessary to perform: further 
detailed characterisation of both short-circuited and open-circuited λg/4-type 
CRLH SIR, development of appropriate equations and establishment of 
electrical characteristics, providing lumped-element equivalent circuit, 
realisation of the resonators, and proving their left-handedness. As such, making 
qualitative comparisons between the electrical parameters obtained from short-
circuited and open-circuited SIRs in both RH and CRLH forms would be very 
beneficial.  
 An interesting topic would be to further study and develop the designed short-
circuited λg/4-type CRLH SIR, with particular attention to its radiating 
behaviour (discussed in Chapter 3) in an attempt to form leaky-wave antennas.  
 Another logical step forward would be to work on further shifting or suppressing 
the spurious frequencies of the CRLH SIR; corresponding to further extension of 
the filter’s spurious-free stopband, while maintaining the good response of the 
miniaturised filter.  
 For improved passband selection and stopband attenuation of the bandpass filter, 
it would be extremely helpful to further analyse the CRLH SIRs numerically 
(mathematically) and to find methods of improving Quality factor Q, input 
impedance |Zin|, etc. based on their electrical and physical properties.   
 It would be of interest to establish a relationship between the constitutive 
elements of the CRLH unit-cell TLs (i.e. CL, LL, CR, LR), characteristic 
impedance, and resonant frequency of the CRLH SIR. This relation proves 
important when it is attempted to miniaturise a structure, as smaller size TL will 
automatically tend to shift the resonant frequency higher; though it has been 
proved in this research that it is possible to keep the resonant frequency low and 
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still miniaturise the structure. Undoubtedly, such study would involve an 
accurate phase and propagation analysis.  
 In the cases where ground connections are difficult to realise, or would result in 
excessive loss, it would be of interest to improve the circuit performance by 
employing CPW (or similar TL technologies) to eliminate the need for vias, 
especially in an attempt to reduce the loss in MMIC CRLH SIR filter structures.  
 The peculiar coupling phenomenon between CRLH transmission lines and 
CRLH SIRs is also very interesting and can be investigated further.  
 The MMIC CRLH SIR filter could also be more developed and perhaps 
miniaturised further by employing more layers, while keeping an optimal level 
between size and performance. Moreover, based on the presented and discussed 
theories and designs, extra functionalities such as frequency tuning can also be 
added to the filter design.  
 Finally, beside the methodology presented in this research, and using the data 
collected in this thesis, perhaps such designs may be formulated to produce 
generalised design equations for filters employing CRLH TLs and SIRs, 
especially at other frequency bands; in particular Terahertz frequencies.  
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Appendix 2.1 
Table A.1. Summary of the Fundamental Characteristics of Ideal PLH, PRH, and Balanced CRLH TLs [2.1]. 
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Table A.2. Summary of the Main Characteristics of LC Network PLH, PRH, and Balanced CRLH TLs With Very Small Unit Cell Electrical Length |Δϕ| << π/2 
(approximation from ideal homognous case valid for Δϕ → 0) [2.1].  
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Figure A.1. Balanced CRLH (symmetric unit cell) network TL (band-pass) characteristics computed by [2.1] 
for the parameters N = 10, LR = 2.5 nH, CR = 1 pF, LL = 2.5 nH, CL = 1 pF, Zc = 50 Ω ( L L LZ L C = 
R R RZ L C  = Zc, matched condition). (a) Magnitude of S21,N and S11,N. (b) Phase of S21,N . (c) Unwrapped 
phase of S21,N . (d) Dispersion relation computed by [2.1]. The −10 dB cut-off frequencies are fCL
−10dB
 = 1.32 
GHz and fcR
−10dB
 = 7.64 GHz, and the transition frequency is 40 1 R R L Lf L C L C = 3.18 GHz. The cut-off 
frequencies computed by [2.1] are fcL = 1.32 GHz and fcR = 7.68 GHz [2.1].  
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Figure A.2. Unbalanced CRLH TL (symmetric unit cell) network (band-pass with gap) characteristics 
computed by [2.1] for the parameters N = 10, LR = 2 nH, CR = 1 pF, LL = 2.5 nH, CL = 0.75 pF, Zc = 50Ω, 
R R RZ L C = 44.72,Ω ( L L LZ L C = 57.54Ω. (a) Magnitude of S21,N and S11,N. (b) Phase of S21,N . (c) 
Unwrapped phase of S21,N (ZR ≠ Zc and ZL ≠ Zc, mismatched case). (d) Dispersion relation computed by (2.1). 
The frequencies of interest are fcL
−10dB 
= 1.51 GHz, fsh
−3dB 
= 3.06 GHz, 40 1 R R L Lf L C L C  = 3.62 GHz, fse
−3dB 
= 
4.27 GHz and fcR
−10dB 
= 8.64 GHz. The cut-off frequencies computed by [2.1] are fcL = 1.51 GHz and fcR = 8.69 
GHz [2.1]. 
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Figure A.3. Insertion and return losses in a 10-cell CRLH TL in different matched/mismatched condition. (a) 
Matched case, with LR = 1.25 nH, CR = 0.5 pF, LL = 1.25 nH, CL = 0.5 pF, i.e., L L LZ L C  = 50Ω, 
R R RZ L C = 50Ω, and ports impedance Zc = 50Ω. (b) Mismatched case, with LR = 0.25 nH, CR = 2.0 pF, LL 
= 0.5 nH, CL = 1.0 pF, i.e., L L LZ L C = 22.4Ω, R R RZ L C = 11.2Ω, and ports impedance 
av L RZ Z Z = 15.8Ω. (c) Mismatched case with the same TL parameters as in (b) but port impedance Zc = ZL = 
22.4Ω. (d) Mismatched case with the same TL parameters as in (b) but port impedance Zc = ZR = 11.2Ω [2.1].  
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Table A.3. Conversion between the Material Constitutive Parameters εr, μr and the CRLH (balanced) TL 
Parameters β,Zc of a Material. 
 
The relation β = β(LR,CR,LL,CL) is available from the dispersion diagram computed by [2.1]. The inverse of this 
function, β−1(LR,CR,LL,CL) is found numerically after applying the two conditions on ηr or Zc and using the 
available degree of freedom.  
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Appendix 3.1 
3.1.1 Equivalent circuit of SIR 
According to Makimoto and Yamashita [3.2], in the resonating state, the distributed-element 
SIR can be approximately modelled using equivalent lumped elements L, C and R, as shown 
in Figure A.4. The element values are derived from the slope parameters of the resonator 
[3.2]. Slope parameter and resonant frequency ω0 are often used as a basis for establishing 
the resonance properties of resonators regardless of their form [3.12].  
 
 
 
Figure A.4. An equivalent circuit of SIR at resonance [3.2].  
In λg/4-type SIR, which exhibits a shunt-type resonance (case of zero susceptance at ω0), the 
susceptance slope parameter bs can be obtained from its definition as follows [3.2]:  
0
0 .
2
s
s
dB
b
d
 


       (A.1) 
where ω0 is the angular resonant frequency and Bs(ω) is the susceptance of the resonator. Let 
the susceptance of a λg/4-type SIR be BSA and its corresponding slope parameter be bSA. 
Then, the slope parameter is derived from (A.1) as follows [3.2]: 
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APPENDICES  269 
where θ01 expresses the value of θ1 at resonance state and l1 and l2 represent resonator 
physical length. If θ01 = θ02 = θ0, i.e. l1 = l2, then  
 
10 2
0 22
. 1 tan
2 1
Z
SA Z
Z Z Z
Y R
b Y R
R R R
     
  
    (A.4) 
Similarly, the susceptance slope parameter of λg/2 and λg-type SIRs, represented as bSB0 and 
bSC0 when θ1 = θ2 = θ0, can be obtained as follows [3.2]:  
1
0 0 2 22 2 tanSB Zb Y Y R
        (A.5) 
1
0 0 2 24 4 tanSC Zb Y Y R
        (A.6) 
The relationship between the susceptance slope parameter and L0, C0 and G0 of a lumped-
element resonator are given as follows [3.2]: 
0
0
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Q
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3.1.2 Calculation of Losses  
Table A.4. Microstrip SIR loss calculated from dielectric and conductor losses.  
For TL of Z2 = 94Ω For TL of Z1 = 77Ω 
Dielectric loss, d 2 
2.2r  , 0 4 7e    H/m, 4.1 7copper e   S/m, 0 94Z    
1.549 3W e m  , 0.0009Tan    
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Dielectric loss, d 1 
2.2r  , 0 4 7e   H/m, 4.1 7copper e   S/m, 0 77Z    
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Conductor loss, c2 
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Total loss for the 94Ω TL = 0.059 Np/m Total loss for the 94Ω TL = 0.049 Np/m 
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Appendix 4.1 
Table A.5. The ABCD Parameters of some useful two-port circuits. 
 
Circuit ABCD Parameters 
  
 
 
A = 1 B = Z 
C = 0 D = 1 
 
 
 
A = 1 B = 0 
C = Y D = 1 
 
 
 
A = cosβl B = jZ0sinβl 
C = jY0sinβl D = cosβl 
 
 
 
A = N B = 0 
C = 0 D = 1/N 
 
 
 
A = 1 + Y2/Y3 B = 1/Y3 
C = Y1 + Y2 + Y1Y2/Y3 D = 1 + Y1/Y3 
 
 
 
A = 1 + Z1/Z3 B = Z1 + Z2 + Z1Z2/Z3 
C = 1/Z3 D = 1 + Z2/Z3 
 
 
 
 
 
 
Z 
Y 
Z0, β 
l 
N : 1 
Y1 
Y3 
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Y3 
Y1 Y2 
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Table A.6. Ten canonical coupled line circuits [3.1]  
Circuit Image Impedance Response 
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Appendix 5.1 
Examination of the coupling between CRLH coupled lines with the spacing (or gap) as the 
variable. 
Gap: 0.01mm – 0.1mm 
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Gap: 0.1mm – 0.5mm  
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Gap: 0.5mm – 1.00mm  
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Gap: 1.0mm – 2.0mm 
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Gap: 2.0mm – 3.0mm 
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Gap: 3.0mm – 4.4mm  
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